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Preface

The work for this book was initially driven by automotive applications, with the
goal to do research on how point-of-load voltage converters, supplying electronic
components, can be made smaller and cheaper in order to reduce size and cost of
the electronics. The main objective was to investigate the impact of an increasing
switching frequency into the multi-MHz range to reduce the size of the passives
in inductive switching converters. The initial target was to supply the converters
directly from a conventional 12 V car battery. As automotive applications need to
tolerate largely varying battery voltages up to 40 V and above, it was set by the
applications that the increase of the switching frequency needs to be investigated in
combination with high input voltages of the converters. This combination represents
a main limitation not only for the converter efficiency but also for the circuit design,
which has been the main driver for this work. During the research of the work for this
book, a trend emerged in several applications to increase the system supply voltage.
Higher supply voltages enable a more efficient power delivery to the electronic
components with lower currents and thus lower wiring costs. In consequence,
the maximum power provided to the system can be increased. To mention some
examples, the automotive industry introduced a standard for a new supply domain
with a 48 V battery, as the conventional 12 V board net was at its power limit due
to new functionalities, e.g., autonomous driving. E-mobility applications enter the
market with a wide range of battery voltages up to 60 V and above, which required
to cope with the large power demand for driving. In the field of IT, server supply
concepts were redefined to increase the rack level voltage distribution from typically
12 to 48 V to reduce power losses and the energy costs in large data centers. The
latest USB Power Delivery standard increased the charging voltage up to 20 V
to allow fast-charging of mobile and IoT devices. The demand for compact and
highly integrated voltage converters, suitable for increasing input voltages, arose
from several different areas, which finally set the focus of the work for this book.

Many publications for highly integrated switching converters can be found
for low input voltages (typ. <5 V). Publications on converters for higher input
voltages (�5 V) show a low integration level with large and bulky components and
make systems costly. Highly integrated, fast-switching converters for higher input
voltages, as high as 50 V, are not or only rarely covered.
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viii Preface

The purpose of this book is to provide insight into the trade-offs, which are
required to achieve an acceptable efficiency with both a high integration (small
size), mainly addressed with faster switching frequencies, and high input voltages.
Achieving switching frequencies in the order of 10–25 MHz at high input voltages
brings the converters to its limit in terms of circuit design, implementation, and tech-
nology. This book describes system-level aspects and circuit design techniques to
push out and to overcome these limits. A comparison of converter types for different
operating ranges is presented along with practical implementation examples. Soft-
switching architectures are studied in comparison to conventional buck converter
architectures. The purpose of this book is to give the reader a guideline for selecting
the right converter architecture and to point out potential issues and limitations
related to the chosen architecture. It covers converter theory, architectures, circuit
design, efficiency, sizing of passives, PCB design, and technology aspects. Besides
the focus on fast-switching and high input voltages, the contents of the book are
applicable to any type of switching converter implementation.

The research project resulting in this book was sponsored by Robert Bosch
GmbH, Reutlingen, Germany. The project was executed at Reutlingen University,
Germany, in cooperation with the University of Stuttgart, Germany, and the Leibniz
University Hannover, Germany. I would like to express my sincere gratitude to my
advisor, Prof. Bernhard Wicht, now head of Mixed-Signal Circuits Group, Institute
of Microelectronic Systems at Leibniz University Hannover. He was at my side as
a mentor along most of my engineer career. His continuous support and trust were
the bases for my technical growth and finally for this book. I enjoyed our long-
going discussions resulting in fruitful ideas, and I highly appreciated his support
and contribution, also in structuring, writing, and reviewing this book. I want to
thank Dr. Axel Wenzler, Thoralf Rosahl, and Stefen Ritzmann of Robert Bosch
GmbH for their valuable industry inputs and reviews and all other colleagues at
Bosch, who supported this work with various test chips. I wish to thank Prof. Jörg
Schulze, University of Stuttgart, and his team for providing me valuable technology
support, as well as for being part of his research seminars and his useful cross-
disciplinary feedback, which helped me to structure this work. I was very pleased
that I had Prof. Dongsheng Brian Ma, University of Texas, Dallas, USA, as a
reviewer of this work, to receive his valuable feedback based on his profound power
management expertise. I want to say thank you to all my colleagues and friends at
Reutlingen University, especially to Tobias Funk, Achim Seidl, Alexander Barner,
and Christoph Rindfleisch, who supported this work with their master’s theses.

Finally, I want to express my deepest gratitude to my loving wife, Heloisa, and to
my wonderful son, Sebastian. I want to thank you so much for always being at my
side and giving me all the emotional support and motivation to go on with writing
this book. Without your understanding, your patience, and your great support in
organizing our life, it would not have been possible to complete this book.

Gröbenzell, Germany Jürgen Wittmann
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Lvdd5 H Parasitic inductance at the converter’s low-side supply input
MN0 Low-side NMOS switch of a level shifter
MN0 Main switch of the PRC
MN1 Low-side NMOS switch of a level shifter
MNclp Clamping transistor in the NMOS level shifter
MNHS High-side NMOS switch
MNLS Low-side NMOS switch
MNR Resonant switch in the PRC
MP1 High-side current mirror input of the PMOS level shifter
MP2 High-side current mirror input of the PMOS level shifter
MPcasc High-side current mirror input of the PMOS level shifter
MPclp Clamping transistor in the NMOS level shifter
MPhs High-side PMOS switch
MPlin Regulation transistor of the linear regulator generating HSGND

MPls Low-side PMOS switch
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MPR PMOS power switch in the resonant circuit of the PRC
Ni Ideal conversion ratio
P1 W Intermediate power between cascaded DC and DC converters
Pavg W Average losses
Pchg W Charging losses of the switching node at the high-side switch

turn-on
Pcond W Conduction losses of a buck converter
Pcond,hs W Conduction losses of the high-side power switch
Pcond,ls W Conduction losses of the low-side power switch
PDThi W Losses caused by the dead time at the converter’s turn-high

transition
PDTlo W Losses caused by the dead time at the converter’s turn-high

transition
ϕ1 V Switching phase 1 of a switched-capacitor converter
ϕ2 V Switching phase 2 of a switched-capacitor converter
� V Inverted switch control signal of the sampling stage
�out V Inverted switch control signal of the hold stage
�out V Switch control signal of the hold stage
� V Switch control signal of the sampling stage
Pin W Converter’s input power
PL,DC W DC losses of an inductor
Ploss W Power losses in a converter
Ploss0 W Power losses in an initial operating point
Ploss,norm Normalized losses
Pout W Converter’s output power
Pout0 W Initial output power of a converter
Ptr W Transition losses in a buck converter
PWM V Pulse-width modulated signal
PWM0 V PWM signal at the low-side to control the main switch in the PRC

PWM1 V PWM signal of the first PWM generator stage
PWM2 V PWM signal of the second PWM generator stage
CT RLhs V High-side switch control signal generated by the dead time

controller
CT RLls V Low-side switch control signal generated by the dead time

controller
PWMMN0 V PWM signal to control the main switch in the PRC
PWM V Inverted pulse-width modulated signal
PWMr V PWM signal at the low-side to control the resonant switch in the

PRC
Q1 C Charge on an ideal capacitor
Q2 C Charge on an ideal capacitor
Qc C Charge on an ideal capacitor
Qdio C Charge on the reverse blocking capacitance of a diode
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Qdio1 C Charge on the reverse blocking capacitance of a diode at the
voltage Vdio1

Qdio2 C Charge on the reverse blocking capacitance of a diode at the
voltage Vsrc

Qg C Gate charge required to turn on a MOSFET
Qgs,1 C Charge flowing to Cgs when the power switch turns on
Qgd,1 C Charge flowing to Cgd when the power switch turns on
Qoss C Drain charge flowing in a MOSFET during the on-state switching

event
Qrr C Reverse recovery charge
R General resistor
R1 C Resistor of the frequency compensated voltage divider in the

S&H
R2 C Resistor of the frequency compensated voltage divider in the

S&H
Rdcr � DC resistance of an inductor
Resr � DC resistance of a capacitor
Rlin � Resistance of a linear regulator
Rload � Load of a converter
Ron � On-state resistance of a power switch in a converter
Ron,hs � On-state resistance of a high-side power switch
Ron,ls � On-state resistance of a low-side power switch
Rsc � Equivalent resistance
Rsub � Resistance along the substrate
S1 s First sampling instant of the S&H stage
S2 s Second sampling instant of the dead time control
SH High-side switch of a buck converter
SL Low-side switch of a buck converter
T s Switching period of a switching converter
tdio1 s Diode conduction time during DThi
tdio2 s Diode conduction time during DTlo
tdio,hs s Diode conduction time of the high-side switch during DThi in

light load
td,ps s Propagation delay of the power stage
td,r s Delay to turn on the main switch in the resonant converter
td,sw s Delay to turn on the main switch in the resonant converter
tf s Fall time of the switching and resonant node in the quasi-resonant

converter
tfall s Duration of the falling edge of the sawtooth signal
tls,off s Time at when the high-side switch is turned off
ths,on s Time at when the high-side switch is turned on
tILr,rise s Rise time of the current in the resonant inductor
t s Time
tls,off s Time at when the low-side switch is turned off
tls,on s Time at when the low-side switch is turned on
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tmux s Time required for a multiplexed sawtooth signal to settle
toff s Off-time of PWM
ton s On-time of PWM
ton,sw s High time of Vsw in the quasi-resontant converter
tosc s Oscillation time of resonant node in the quasi-resonant converter
tpd s Propagation delay of a comparator
tr s Time of the converter’s rising transition
tri s Current transition at the converter’s rising transition
trv s Time of voltage transition during the converter’s rising transition
trv0 s Reference parameter for rising voltage transition calculation
turn_on V Switch turn-on signal in the PRC
tvi s Time of full VI overlap during the converter’s rising transition
tvi0,a s Load current independent time in the converter’s rising transition
tvi0,b s Load current dependent time in the converter’s rising transition
V1 V Intermediate voltage between cascaded DC-DC converters
Vboot V Bootstrap (high-side) supply, voltage at Cboot
Vboot,i V Internal bootstrap (high-side) supply
Vc V Voltage of an ideal capacitor
V CR Conversion ratio of a DC-DC converter
V CRideal I Ideal conversion ratio of a switched-capacitor DC-DC converter
Vd V Drain voltage of a transistor
Vdd5 V Supply voltage of the 5 V low-voltage domain
Vdio V Reverse blocking voltage of a diode
Vdio1 V Reverse blocking voltage of a diode at the charge Qdio1
Vds V Drain-source voltage of a transistor
Vds,MN0 V Drain-source voltage of the main switch in the PRC
Verr V Output of the error amplifier
Vf V Body diode of the power switch
Vg V Gate voltage of a transistor
Vgs V Gate-source voltage of a transistor
Vgs,hs V Gate-source voltage of the high-side transistor
Vgs,ls V Gate-source voltage of the low-side transistor
Vhi V Upper reference of the window comparators
Vin V Input voltage
Vin0 V Initial input voltage
Vin,tr0 s Reference input voltage parameter for rising voltage transition

calculation
VL0 V Voltage over L0
Vlo V Lower reference of the window comparators
Vm V Motor supply voltage
Vn s Signal of the last low-side gate driver stage
Von V Voltage drop caused by Ron of a conducting switch
Vout V Output voltage
Vout0 V Initial output voltage
Vout,ideal V Ideal output voltage



xx Acronyms

VQ1 V Voltage of an ideal capacitor
Vr V Resonant node of a resonant converter
V̂r V Amplitude of the resonant node of a resonant converter
Vramp1 V Ramp signal of the PWM generator
Vramp2 V Ramp signal of the PWM generator
Vref V Reference voltage of the frequency compensated voltage divider
Vref,hi V Upper sawtooth signal reference
Vref,lo V Lower sawtooth signal reference
Vs V Sampled switching node voltage at Cs
Vsh V Output voltage of the sample and hold stage at Ch
Vsh1/2 V Output voltage of the sample and hold stage at Ch
Vsink V Substrate voltage shift at the current sink
Vsrc V General voltage source
Vsw V Switching node voltage of a buck converter
Vsw,i V Internal switching node voltage of a buck converter
Vsw,lv V Divided switching node voltage Vsw
Vth V Threshold of a transistor
Vton,0 V Reference to adjust the switch on-time of MP0 in the PRC
Vton,r V Reference to adjust the switch on-time of MPR in the PRC
Wc J Stored energy on an ideal capacitor
Wc1 J Stored energy on an ideal capacitor
Wc2 J Stored energy on an ideal capacitor
WDThi,short J Loss energy caused by a too short dead time DThi at light load
Wloss,chrg J Energy lost by charging a capacitor
Wloss,chrg1 J Energy lost by charging a capacitor
Wloss,chrg2 J Energy lost by charging a capacitor
Wqrr J Eenergy lost due to reverse recovery effect
Wsrc J Energy delivered by the voltage source Vsrc
Wsw J Eenergy lost during the charging event of Csw
ZCDVr V Zero-cross detection signal of Vr in the PRC
ZCDVsw V Zero-cross detection signal of Vsw in the PRC



Chapter 1
Introduction

The continuous trend towards higher integration of electrical circuits enables many
new functions in a wide range of applications. Systems-on-a-chip (SoC) has become
common, in which often most or all of the electrical functionalities are realized
on one single chip. The power management is one fundamental key aspect to
be considered to achieve a high integration of these systems. Compact voltage
converters are required to be integrated within an SoC or close to the point-of-load.
A wide range of possible system supply voltages and a high number of different
power specifications of the supplied components often require a specific voltage
converter for each component in an electrical system.

The trend to more functionality comes along with a higher power demand. This
initiated an increase of the system supply voltage to enable a more efficient power
distribution. In recent years, a change in the power supply concept could be observed
in several applications in areas like e-mobility and automotive, servers, automation,
mobile devices, and several others.

Mobility and automotive applications experience a strong push towards driver
assistant systems and fully autonomous driving. This requires a further increase of
the already high number of existing electrical components in a conventional car, to
provide comfort, infotainment, safety, lightning, communication, and many other
functions. A second trend is the electrification of mobility in form of hybrid and
fully battery driven vehicles, like e-bikes, e-scooters, cars, and trucks. The first fully
electric autonomous driving cars are available on the market [14, 17]. A disruptive
mobility technology might be drones, which have been shown to be suitable for
transportation of persons and goods [3]. The electrification and increasing amount
of components lead to a significantly higher power demand. Light electric vehicles
(LEV) are designed for battery voltages towards 48 V, or even higher, to increase
the available battery power. The conventional 12 V board net in cars is reaching
the power limit, with the consequence that an additional 48 V board net was
introduced to supply high-power applications [9]. The electrical components have to
be supplied by DC–DC converters at the point-of-load, operating from a wide range
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of different and varying supply voltages from below 12 V up to 60 V and higher.
Higher supply voltages limit the size and efficiency of these DC–DC converters.
The increasing amount of components, and thus the number of DC–DC converters,
lead to an even higher demand for high integration and cost reduction.

In servers, the trends towards mobile and cloud applications, Internet of Things
(IoT), Big Data, and others, lead to fast increasing number of data, which are
processed in servers in huge data centers with high processing and storage capa-
bility. Due to the large amount of servers worldwide, the server and also the power
distribution efficiency has to be increased, as it highly impacts the worldwide energy
consumption and the data center’s profitability. Low-voltage server components,
like CPU, RAM, hard disks, or network interfaces, are conventionally supplied
by point-of-load DC–DC converters from a 12 V power supply. On the one hand,
the conversion ratio of these point-of-load DC–DC converters is increasing, as the
supply voltages of low-voltage components are continuously decreasing, along with
improving technology nodes, towards voltages below 1 V. On the other hand, it has
been shown that the voltage distribution within a server rack can be more efficient
if the 12 V power supply is increased towards 48 V [10, 27].

Several other applications follow this trend towards higher system supply
voltages. DC–DC converters have to cope with this trend towards increasing input
voltages (Vin) and decreasing output voltages (Vout), resulting in high conversion
ratios. While for low-voltage battery supplies, e.g., in mobile phones, very compact
DC–DC converters are available [1, 2, 4–8, 11–13, 15, 16, 18–26], size, cost, and
efficiency are strongly limited at higher supply voltages towards 48 V. State-of-
the-art converters achieve a high conversion efficiency, but they often dominate the
size and cost of the applications, as they are operated at low switching frequencies.
The research focus for high-integration and cost reduction in the past years was set
mainly on low-voltage DC–DC converters with input voltages limited to 5 V and
below, and are poorly covered for higher input voltages.

High-voltage switches and capacitors make switched capacitor converters ineffi-
cient. Therefore, inductive switched-mode DC–DC converters are usually preferred
at high input voltages. High conversion ratios (Vin/Vout) and low output voltages
(Vout), are limited by small duty cycles, resulting in a short power switch on-times in
pulse-width modulated (PWM) converters. Moreover, switching high input voltages
significantly increases the switching losses and thus reduces the converter’s power
efficiency. An increase of the switching frequency drives a significant reduction
of the converter size and cost, and enables a high level of integration, as the
size of filter components scales down. As a drawback, this leads to a further
increase of the switching losses. In addition, higher switching frequencies at small
duty cycles require a further on-time reduction of the PWM control signal of the
power switches, what affects fast-switching circuit blocks of the converter to be
implemented in bandwidth limited high-voltage technologies. Decreasing power
efficiency and reducing PWM on-times by circuit design represent the major barrier
for a further converter size reduction towards a full integration.
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1.1 Scope of This Book

The scope of this book is summarized and depicted in Fig. 1.1. It is strongly related
to the trend towards increasing system supply voltages, driven by a rising power
demand and new features in several applications. Point-of-load voltage converters
are required to down-regulate significantly increasing system supply voltages.
This book covers converters with integrated power switches in standard silicon
technologies delivering an output power of typically up to 10–25 W, with the focus
on non-isolated inductive switched-mode converter architectures. Requirements in
terms of cost, size, and better reliability are addressed by an improving level of
integration. In particular, converters are operated at increasing switching frequencies
in order to scale down the size of dominant filter components.

The limitations of point-of-load converters in the reduced minimum PWM on-
time, and in the decreasing efficiency, are addressed by three main topics. (1) Imple-
mentation aspects of the converter, specifically circuit block design, technology, and
layout of the printed circuit board PCB, are investigated. New design concepts and

Fig. 1.1 Summary of the scope of this book
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circuits are developed to minimize the minimum switch on-time, allowing faster
and more robust switching at higher voltages. (2) The efficiency of conventional
buck converters is analyzed in order to compare different implementations. The
main loss contributors are investigated and addressed to improve efficiency. (3) New
architectures and more efficient soft-switching techniques are investigated to allow
an even further increase of the switching frequency at acceptable efficiencies.

1.2 Outline of This Book

This section describes the structure of this book, and summarizes the particular
chapters and sections.

1.2.1 Motivation for High-Vin Converters and Fundamentals

Chapter 2 describes the motivation for this book, and the requirements for high-Vin
multi-MHz converters. Applications using highly-integrated point-of-load converter
with high input voltages are reviewed. The system requirements for voltage convert-
ers, especially for automotive and servers, are summarized and compared (Sect. 2.1).
System level aspects of a voltage conversion are covered, which demonstrates that
a single-step conversion from high input voltages to the point-of-load is most
beneficial for size and efficiency (Sect. 2.2). Different DC–DC converter archi-
tectures are reviewed, including linear regulators, switched capacitor converters,
inductive converters, soft- and resonant converters, and hybrid converters, pointing
out the advantages of inductive converters for this type of applications (Sect. 2.2.2).
Inductive buck converter fundamentals demonstrate that the switching frequency
and current ripple, as well as the output voltage and the conversion ratio, have a main
influence on the converter size, and also efficiency. The benefits of soft-switching
and resonant converters are introduced. A study of the scaling of commercial filter
inductors and capacitors with respect to switching frequency and current ripple is
presented, and the limitations of higher switching frequencies at increasing input
voltages are discussed (Sect. 2.3). A study of commercially available and published
state-of-the-art converters for these applications is shown (Sect. 2.4).

1.2.2 Fast-Switching High-Vin Buck Converters

Chapter 3 elaborates the main issues arising with common implementation variants
of a buck converter. These issues are addressed further throughout this book. An
asynchronous buck converter with a low-side freewheeling diode and a synchronous
buck converter with a high-side and low-side switch are compared with respect to
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high input voltages and multi-MHz switching. An implementation of the architec-
tures with PMOS (p-channel MOSFET) and NMOS (n-channel MOSFET) power
switches is evaluated. The impact on efficiency is discussed, and the requirements
for the converter and circuit block implementations are derived (Sect. 3.1). Different
switch technologies, in particular integrated lateral DMOS (double-diffused metal-
oxide semiconductor) transistors, external vertical switches, and gallium nitride
(GaN) switches are compared (Sect. 3.2). The influence of parasitics caused by
the PCB is discussed, which cause large voltage ringing at the power switches. It
is demonstrated that an optimization of the PCB including a direct-bond to PCB
technique significantly reduces ringing (Sect. 3.3). The isolation of a switching high-
side domain, controlling an NMOS switch, induces substrate coupling, which results
in malfunction of the converter. Various isolation structures to reduce the impact
of substrate coupling are examined by both TCAD (technology computer-aided
design) simulations and by experimental measurements of dedicated test structures
(Sect. 3.4).

1.2.3 Design of Fast-Switching Circuit Blocks

Chapter 4 proposes designs of fast-switching circuit blocks to control a buck
converter with the required minimum on-time pulses as small as 3 ns for input
voltages up to 50 V, and switching frequencies up to 30 MHz. A review of a voltage-
mode control scheme of a buck converter gives an overview of the timing critical
circuit blocks (Sect. 4.1). A PWM generator is proposed, which is able to generate
on-time pulses smaller than 3 ns (Sect. 4.2). Level shifters are proposed for the
control of a PMOS high-side switch with static gate driver supply, as well for the
control of an NMOS high-side switch with a switching gate driver supply (Sect. 4.3).
A gate driver design is described which is optimized to transferring minimum on-
time pulses with a minimum propagation delay. The output stage allows a fast
turn-on of the power switch with optimized power consumption (Sect. 4.4).

1.2.4 Efficiency and Loss Modeling of High-Vin Multi-MHz
Converters

In Chap. 5, the main loss contributors with respect to high input voltages and
fast switching are described. Models are derived, which are the basis for an
implemented efficiency model. Existing efficiency models are reviewed with respect
to their capability for high-Vin multi-MHz switching converters (Sect. 5.1). The loss
contributors of a buck converter and their priorities for an accurate loss modeling
are described (Sect. 5.2). The specific loss contributors for an asynchronous buck
converter are analyzed. A four-phase model is developed, which allows a separation
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of loss causes and loss locations. The impact of parasitic capacitance and transition
losses on the model accuracy is discussed and an improved model is proposed
(Sect. 5.3). Additional loss contributors of a synchronous buck converter are shown.
The loss impact of using a low-side switch (instead of a diode in an asynchronous
converter) is discussed. The losses related to the required dead time are analyzed.
Requirements for a dead time control, which allows to fully eliminate dead time
related losses, are derived (Sect. 5.4). General potential loss optimizations are
pointed out (Sect. 5.5). Buck converter architectures, including the use of a PMOS
or NMOS high-side switch, are compared over a wide input voltage and load
range with respect to efficiency (Sect. 5.6). A design indicator is proposed, which
allows to benchmark an efficiency performance of converters independently of the
operating point, which enables a comparison of state-of-the-art converters published
at different operating points (Sect. 5.7).

1.2.5 Dead Time Control

In Chap. 6, an implementation of a dead time control is proposed to eliminate dead
time related losses. Available dead time control concepts are compared (Sect. 6.1).
The proposed dead time control is implemented as predictive mixed-signal dead
time control with a resolution of 125 ps and a range of 32 ns. It comprises digitally
controlled differential delay chain elements to achieve the required accuracy, and
a high-speed sampling stage to predictively evaluate the dead time state for an
adjustment in the following switching period (Sect. 6.2). An enhanced light-load
operation mode is proposed, which enables the dead time control to achieve soft-
switching at both the low-side and high-side switch turn-on at low output currents,
resulting in an improved light-load efficiency (Sect. 6.3).

1.2.6 Resonant Converters

Chapter 7 discusses resonant converter concepts, which overcome the efficiency
decrease of hard-switching converters by achieving soft-switching of the power
switches over a wide load and input-voltage range. A study based on a quasi-
resonant converter demonstrates that conventional resonant converters are not
suitable for widely changing input voltages and output currents due to its largely
varying switching frequency (Sect. 7.1). A parallel-resonant converter (PRC) is
proposed, which overcomes these limitations. It consists of a resonant circuit
attached to a conventional buck output stage. A mixed-signal soft-switching control,
supported by a fully integrated adjustable 5 bit capacitor array, allows achieving
soft-switching at both, the main switch and the resonant switch of the converter
(Sect. 7.2).
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1.2.7 Conclusion and Outlook

Chapter 8 summarizes and concludes the results of this book.
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Chapter 2
Motivation for High-Vin Converters
and Fundamentals

Several applications were identified, which are required to generate component
level supplies from input voltages in the range of 5 V up to 50 V and higher.
In most of these applications the power is supplied either by a battery or by
an intermediate DC voltage. A continuously increasing demand for higher power
consumption results in a trend towards an increasing DC supply voltage. In Sect. 2.1,
an overview of applications in focus of this book and their special requirements
to the DC-DC converters is given. Section 2.2 describes and compares different
ways to realize DC-DC voltage conversions. It covers different voltage converter
types and describes their benefits for high-Vin multi-MHz converters. Section 2.3
summarizes the fundamentals of buck converters, and Sect. 2.4 reviews the state-of-
the-art converters, available for high-Vin and multi-MHz switching.

2.1 Applications for High-Vin DC-DC Converters

2.1.1 Automotive and e-Mobility

A significant increase in power demand can be observed in automotive applications,
mainly driven by the trend towards electric vehicles, e-mobility, and higher end-user
functionality. The conventional 12 V automotive board net with a 12 V alternator
currently reaches its limit due to increasing functions in safety, driver assistant sys-
tems and electrical support, or replacement of mechanical components in braking,
steering, oil pump, turbocharger, and others. Often more than 100 electronic control
units (ECU) can be found in modern cars. Most of the ECUs contain several DC-DC
converters to supply the circuit components and systems-on-chip (SoC), which are
micro-controllers, sensors, motor and valve drivers, network interfaces (LIN, CAN,
FLEXRAY, etc.), radar transceivers, displays, radio receivers, and many others.
Several DC-DC converters are required at the point-of-load in the Electronic control
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Fig. 2.1 Implementation of the 48 V board net, in addition to the conventional 12 V board net

units (ECUs) to generate various accurate voltage domains. The DC-DC converters
often dominate the size and costs of the ECUs.

The power limitations of the 12 V board net are overcome by increasing the
battery voltage. This allows to distribute the power at much lower currents and
reduces the wiring costs. Additionally, the starter-generator can generate more
electrical power at the same size if it operates at higher voltages. Therefore, a new
standard for an automotive 48 V board net was introduced, and is becoming standard
within the next years [7]. New functionalities, for example engine start/stop, energy
recuperation, or faster engine start times, come together with a significant reduction
of wiring and power consumption. Audi, for example, introduced the first 48 V-
driven, fully electrical turbocharger in a serial production car [35], enabling the
strongest diesel engine on the market. Currently, the 48 V board net is implemented
in addition to the 12 V board net. A typical implementation is shown in Fig. 2.1.
With a starter-generator typically operating at 48 V, a large central DC-DC converter
transfers the energy between the 12 V and the 48 V battery. While the applications
with lower power demand will remain at the 12 V battery to benefit from utilizing
existing ECUs designed for 12 V supply, high-power applications are moved to the
48 V battery. However, it would be highly beneficial to supply all components in
high-power ECUs directly from the 48 V board net, otherwise an additional wire
would be required from the 12 V supply rail. Moreover, supplying one ECU from
both board nets would require complicated and costly protection mechanism to
prevent a short circuit between the two board nets in failure mode. In the future,
the 12 V board net could be completely removed if it is possible to replace the 12 V
DC-DC converters by 48 V converters without a significant impact on size, cost, and
efficiency.
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High-Vin DC-DC converters are also required in light-electric vehicles (LEV)
and drones. As they are driven by a strong electric motor, a high battery voltage is
required, with a voltage scaling with the size or power of the electrical vehicle.
A most common battery voltage is 24 V or 36 V in e-bike, pedelecs, e-scooter,
wheelchairs, electric sports vehicles (ESV), electric utility vehicles (EUV), and
others, newer generations are also driven with a 48 V battery. Especially in LEVs,
a conversion to an intermediate voltage of 12 V would not be accepted due to cost
reasons. Consequently, high conversion ratios from up to 48 V down to below 5 V
are required.

Larger hybrid or fully electric vehicles use batteries with voltages above 200 V,
hybrid trucks even up to 700 V for the (hybrid) electric power trains. As high
voltages above 60 V cannot be handled on the ECUs due to safety reasons, an
intermediate supply rail at 12 V, 24 V (trucks), or even 48 V will be required in
combination with a central high power DC-DC converter to transfer energy between
the high voltage battery and the intermediate supply rail.

The requirements for the DC-DC converters are set by the applications. The
priorities for the requirements are summarized in Table 2.1. The large number
of DC-DC converters in a car results in a high cost pressure. Sometimes, the
mechanical size of the application limits the size for the electronics and thus
the converters. As the energy used for the electronics is only a fraction of the
energy used for driving, converter efficiency has not the main priority. In a car,
the majority of converters are still linear regulators with poor efficiency. Linear
regulators often have to be replaced by more efficient switching converters, as the
heat dissipation, caused by the converter losses, are determining the converter size
and cost. Challenging for automotive converters is the wide input voltage range,
which is caused by battery variations and over- and under-voltage conditions by
load dumps. A high level of reliability is required, as in some cases the ECUs suffer
from large temperature variations or vibrations during driving. A car is expected to
operate for at least 15 years, but typically it is used only 5% of time. Functional
safety has to be guaranteed, as a failing converter could lead to serious accidents.

Table 2.1 Priorities of the requirements for DC-DC converters for automotive and server
applications (+: priority high, −: priority low)

Automotive Requirements Servers

Low cost, small size ++ Cost/size + Converter costs vs. energy costs
due to losses

Medium efficiency,
cooling costs

+/− Efficiency ++ Cooling, energy bill, worldwide
energy consumption

12 V Battery: <6−40 V,
48 V Battery: 24–54 V

++ Vin range − 5–10% of Vin

Operation: >15 years,
5% of time

+ Reliability + Operation: 2–4 years, 100% of
time

Functional safety (ASIL) ++ Safety − None
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In conclusion, further improvement towards full integration, also for conven-
tional 12 V converters, is required to further reduce size, cost, and weight while
maintaining an acceptable efficiency. New conversion techniques are required to
cover very high conversion ratios for supply voltages up to 60 V and above, which
allow a high level of integration at the same time [45].

2.1.2 Servers

The number of servers is significantly increasing. More than 11 million new servers
were shipped worldwide every year in 2017, with the trend to increase by 5–10%
per year [11]. Most of the servers are located in huge data centers [32], operated
by internet service provider companies as Google, Facebook, Microsoft, Apple,
Amazon, YouTube, Twitter, etc., and by companies offering data center services,
for example, IBM, HP, Switch (SuperNAP Data Centers), Digital Reality, and many
others. A strong increase in data traffic from 4.5 Zetabyte (=4.5 × 1015 MB) in
2015 to over ten Zetabyte in 2019 is expected by new trends like Cloud services,
Internet of Things (IoT), and Big Data. Microsoft and IBM, for example, are about
to construct warehouse scale data centers each larger than 500,000 m2, three to five
times larger than current world largest data centers. The total worldwide energy
consumption by data centers was estimated to be in the range 250–350 TW h per
year (2010), more than 1.5% of word wide energy consumption, equivalent to
more than 50 coal power plants (500 MW) [20, 32]. Studies predict that the energy
consumption by information and communications technology is about to double per
decade [32], requiring an essential improvement of the power efficiency.

In a conventional data center facility, the energy is distributed by an AC
distribution network as shown in Fig. 2.2a. An uninterruptible power supply (UPS)
is supplied by the main grid or a backup generator with an AC voltage of typically
480 V. In the UPS, the voltage is converted to a DC voltage (e.g. 380 V) to charge
large buffer batteries to supply the data center in case of a power loss at the grid.
In conventional data centers, the voltage is transformed back to an AC voltage and
is distributed in a power distribution unit (PDU) using transformer to generate a
lower AC voltage, which supplies the particular server racks. To compare the power
efficiency of data centers, the power usage effectiveness (PUE) was defined as a
measure for the facility efficiency, while PUE = (facility power)/(server power), i.e.,
the power entering the data center facility in ratio to the power entering the server
racks, containing the IT equipment. The average PUE of all data centers was around
1.65 in 2013 [2], i.e., in most of the data centers, less than half of the energy is used
for the actual servers. Most losses are generated by the cooling system, while around
one third of the losses are caused by the power distribution system. With better
cooling systems and by changing the AC power distribution to a DC architecture, as
shown in Fig. 2.2b, Google was able to reduce the PUE to 1.11 in 2017 [11], which
is a loss reduction of about 70%. In data centers with optimized PUE, the focus of
power loss optimization is directed towards the efficiency of the IT equipment on
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Fig. 2.2 Power distribution in a data center facility; (a) Conventional AC distribution architecture;
(b) more efficient DC distribution architecture

rack level. Server utilization and power distribution within a rack is typically not
included in the PUE metric.

A conventional power distribution on rack level is shown in Fig. 2.3a. The high-
voltage supply (DC or AC) from the Power distribution unit (PDU) enters the rack
and is distributed to up to ten server chassis with different sizes. The chassis offer
the space for the server blades, containing the motherboards with CPUs, RAM,
I/Os, or hard disks and other IT equipment. Conventionally, each chassis contains
a power supply unit PSU, which generates a 12 V supply for several blades. In the
blades, several voltage regulators (VR) generate the low-voltage supplies for the IT
equipment at the point-of-load, with different voltages between 0.65 and 12 V. A
server PUE (SPUE) metric was defined as the ratio of the power entering the server
rack to the power consumed by the electronic components involved in computation
(CPU, RAM, etc.). SPUE values in the range of 1.6–1.8 were common a view years
ago, i.e., up to nearly half of the power in a server rack is lost, mostly by bad
efficiency of the voltage converters [3]. Both conversion steps, in the PSUs and
in the voltage regulators, used to have efficiencies below 80%. Implementing the
HV-to-12 V converter in each chassis requires up to 10 power supply units (PSUs).
This is costly and uses a large space in the server racks. A more efficient central
12 V converter for the entire rack shifts the problem towards the power distribution.
Modern high-performance servers require up to 30 kW within one rack, which
results in a supply currents of up to 2.5 kA to be distributed in a standard 9-inch
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Fig. 2.3 Power distribution in a server rack; (a) Local 12 V conversion in each chassis; (b) more
efficient central voltage conversion with a 48 V power distribution network on rack level

rack with a height of 2 m. Either costs for low-resistive copper wires or distribution
losses become dominant.

To overcome this problem, Intel and Google proposed a rack level distribution
system with a central HV-to-48 V converter, as shown in Fig. 2.3b [54]. A higher
distribution voltage on rack level scales down the current. This is highly beneficial
as the losses or the wiring costs are determined by the square of the distributed
current. Compared to a 12 V distribution, a voltage increase to 48 V can reduce the
cable costs to only 5% [19].

The scope of this book is on the improvement of voltage regulators suitable for
the supply of the electrical components in the server blades, for both, a 12 and
48 V input. Besides the increasing input voltage of the voltage regulators, the output
voltages are further reduced, as the component voltages for CPUs are decreasing
towards 0.5 V or RAM towards 1 V to save computing energy. The conversion
ratios of input-to-output voltage in the voltage regulators are becoming significantly
higher. Section 2.2.1 shows that the converter efficiency also scales down with lower
converter output voltages.
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Further priorities for voltage regulators in servers are summarized and compared
to automotive converters in Table 2.1. As future data centers will be mainly cost
driven, more efficient converters will only be replaced if the lower energy bill with
a higher efficiency pays off the higher converter cost and implementation effort. A
high efficiency is important as it reduces cooling costs and the energy consumption
of data centers at the same time. Due to the large amount of servers, the efficiency
not only impacts the profit of the data center, but also the worldwide energy
consumption. The output voltage of PSUs is regulated, and the computing load
in servers is more defined as in automotive, consequently, the voltage converter’s
input voltage is rather constant. A typical lifetime of server equipment is up to 4
years. However, servers are often only allowed to be turned off a few minutes per
year. This results in a total operating time, and thus reliability requirements, which
is similar, or even higher, as in automotive, with the difference that no functional
safety is required, as failing converters can be easily replaced.

2.1.3 Automation

With Internet of Things (IoT) and Industry 4.0, a high level of automation is the
target in fabrication, logistic, or laboratory systems. Besides a high level of data
exchange between robots and automated machines, the performances often relate
to the number of objects to be processed or moved within a certain time, which
mainly depends on the speed of robots or motors. Generally, the throughput is higher
for smaller objects. To handle objects in, e.g., a production or assembly or line,
electrical motors gain importance as they are more flexible and accurate compared
to pneumatic systems. For heavy object, 3-phase AC motors, supplied from the grid,
are required due to their high force. For lighter objects, low-voltage DC motors are
often sufficient. Robotic systems with DC motors typically have a central AC-DC
converter to generate a crude motor supply voltage. The motor controller sub-circuit,
i.e., micro-controller, motor driver, sensors, etc., are supplied by down-converting
the motor supply with local point-of-load DC-DC converters.

While the force of an electrical motor is obtained by the motor supply current
(Im) and the motor inductance (Lm), the acceleration mainly depends on the motor
supply voltage (Vm), as the increase of the current over time is limited by Lm, with
Vm = Lm · dIm/dt . Thus, the throughput of handled objects can be increased by
a higher DC motor supply. This leads to a trend to increase the DC supply voltage
up to the limit of the Safety Extra-Low Voltage (SELV) of 60 V [14] or 75 V [8] to
avoid additional high-voltage safety protection at the motors. Consequently, highly
integrated DC-DC converters for input voltages of up to 75 V converting to the low-
voltage domains of the motor controllers, which are typically <5 V.
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2.1.4 Mobile Devices

Mobile devices, as phones or tablets, are typically powered by battery voltages
below 5 V. However, the capacity of the batteries often exceed 10 A h, while it
is expected that the charging time decreases from generation to generation. A
USB charger typically consists of a converter plugged to the mains, generating an
intermediate voltage which is then supplying an internal charger IC in the mobile
devices to power the battery. Long USB cables only can handle an increasing
amount of current to be transferred. To achieve a higher charging power, the voltage
of the USB charger port needs to be increased. Today, intermediate voltages up to
20 V are part of the USB Power Delivery standard [48], which is able to deliver up
to 100 W of charging power. The USB charging voltage needs to be down-converted
to about 4 V by a highly integrated charger IC to charge the battery of the mobile
devices.

These applications demonstrated the trend and even the requirements towards
higher supply voltages up to 50 V and higher, from which the power is delivered to
the highly integrated voltage converters. The voltage converters have to cope with
this trend to enable the increasing system supply voltages, rather than being their
limitation.

2.2 Power Conversion to Low-Voltage Components

From the DC supply voltages offered by the applications, as described in Sect. 2.1,
many kinds of low-voltage components have to be supplied with different input
voltages levels in the range of 0.5–5 V. At least one highly integrated voltage
regulator is required for each voltage rail. The voltage regulators are often integrated
within the ICs on SoCs.

2.2.1 DC-DC Conversion Fundamentals

A DC-DC converter regulates a DC input voltage Vin to another DC output voltage
output voltage (Vout). The output current (Iout) flows into the devices connected to
the DC-DC converter’s output. The connected devices or circuits represent a load
Rload at Vout, consuming the converters output power Pout. An input current Iin flows
from the input voltage Vin into the DC-DC converter’s input. The input power Pin
delivered to the input of the converter also has to contain the power losses generated
in the converter. The input power results in Pin = Pout + Ploss. The power losses
Ploss are dissipated as heat in the converter. High power losses require a high effort
to dissipate the generated heat to keep the converter at an acceptable temperature.
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Fig. 2.4 DC-DC conversion from a high input voltage Vin to a lower output voltage Vout. (a) Basic,
single-stage DC-DC converter. (b) Cascaded DC-DC converters

Iout determines the size of the power transistors or switches, which are required to
regulate the output voltage at varying loads. Power transistors can be fully integrated
up to currents of about 2–5 A. For output voltages up to 5 V, this results in an
output power of up to 25 W. This book focuses on highly integrated converters
with integrated power transistors (field-effect transistors, FET), implemented in a
standard silicon technology.

The ratio between Vin and Vout is defined as the converter’s voltage conversion
ratio conversion ratio of a DC-DC converter (V CR), which is

V CR = Vin

Vout
. (2.1)

The power conversion efficiency η of a converter describes the ratio of Pout and Pin,
as depicted in Fig. 2.4a. It is defined as

η = Pout

Pin
= Vout · Iout

Vin · Iin
= Iout

V CR · Iin
. (2.2)

The efficiency η is the mostly used key parameter for converter comparison.
Nevertheless, in some applications, the power efficiency is less important rather
than the finally generated power losses, which determines the effort and the costs
to dissipate the heat. From (2.2), it can be observed that the efficiency naturally
scales down proportionally with the conversion ratio V CR. This is a fundamental
problem for the trends to higher Vin and lower Vout in the applications offering high
DC supply voltages.

For higher conversion ratios, e.g., V CR > 5, serial-connected (cascaded) DC-
DC converters, as shown in Fig. 2.4b, are common [17]. Cascaded converters
reduce the conversion ratio of each converter, and thus lead to an advantage in the
implementation (see Sect. 2.3.6 and Chap. 4). While η1 and η2 (Fig. 2.4b) represent
the conversion efficiency of each of the cascaded converters, the overall voltage
conversion efficiency calculates to η = η1 · η2. For example, a conversion from
12 to 3 V with a first converter with Vin = 12 V and V1 = 6 V, and a second
converter with V1 = 6 V and Vout = 3 V, while each of the converters has an
efficiency of η1 = η2 = 90%, achieve an overall efficiency of η = 81%. A
single stage conversion, directly converting from Vin to Vout would only require
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Fig. 2.5 Voltage regulation to low-voltage components, with (a) pre-regulation and (b) direct
conversion

one converter with an efficiency of η = 81%. As a conclusion, a single-stage
converter might be the preferred choice, as it requires less efficiency, and only one
converter might result in a smaller system size and cost compared to two cascaded
converters. However, the implementation of converters with high conversion ratios
has a limitation in switching frequency, and in size and cost. Thus the overall
benefit depends on how small and how efficient converters with high-Vin and larger
conversion ratios can be implemented. The limitations are discussed in Sect. 2.3.6.

Figure 2.5 shows two power distribution concepts with a pre-regulation
(Fig. 2.5a) or a direct conversion (Fig. 2.5b). For higher DC supplies, e.g., 48 V,
the pre-regulated concept is commonly used to reduce the conversion ratio of the
converters. Anyway, a direct conversion would benefit from fewer converters (for
more details see Sect. 2.3.2), and a lower efficiency can be accepted, compared to
series connected converters in a pre-regulated system.

2.2.2 Types of DC-DC Converters

A DC-DC conversion can be performed by (1) a regulated resistor (linear regula-
tors), (2) capacitively (switched-capacitor converters), or (3) inductively (inductive
converters). A short overview of these conversion principles and an assessment of
the capability for high-Vin is shown in the following.

2.2.2.1 Linear Regulators

An elementary type of DC-DC converters is a linear regulator. The principle is
shown in Fig. 2.6a. With Iout = Iin, a lower Vout is achieved with a voltage drop
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Fig. 2.6 Basic DC-DC conversion from Vin to a lower Vout. (a) Linear regulator principle. (b)
Principle of a switched-capacitor (SC) converter. (c) Inductive converter principle

over a resistive element Rlin. The output voltage results in Vout = Rlin · Iout, while
Rlin adjusts the output voltage. Rlin is typically implemented as a regulated PMOS
or NMOS transistor. The power dissipation over Rlin, which typically dominates the
power dissipation of the entire linear regulator is Ploss = (Vin − Vout) · Iout. The
efficiency of a linear regulator is calculated as

ηlin = Vout

Vin
. (2.3)

As the power losses increase linearly with a rising Vin and a falling Vout, the
power dissipation is very poor at high conversion ratios V CR = Vin/Vout. Thus,
linear regulators are only appropriate for low conversion ratios if its low noise
property or the low implementation cost is crucial, or very low efficiency can be
accepted.
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2.2.2.2 Switched-Capacitor Converters

Switched-capacitor (SC) converters perform a DC-DC conversion by switching
several flying capacitors Cfly,n, once in series connection to Vin in a first phase ϕ1,
and once in parallel connection to Vout in phase ϕ2, as shown in Fig. 2.6b. If the
output current is zero, the voltage over each capacitor Cfly,n equals the ideal output
voltage Vout,ideal. This results in an ideal voltage conversion ratio Ni

Ni = Vin

Vout,ideal
. (2.4)

A load current Iout generates a voltage drop Vout,ideal − Vout = Iout · Rsc at the
capacitors while they are connected to Vout in phase ϕ2. Rsc represents the equivalent
output resistance of the converter. Rsc and the voltage drop are determined by the
size of the flying capacitors Cfly,n and the switching frequency fsw. The voltage drop
from Vout,ideal to Vout suffers from a low efficiency, which is identical to the linear
regulator efficiency according to (2.3). Ideally, the efficiency of a switched-capacitor
converter can be written as

ηSC = Vout

Vout,ideal
= Ni · Vout

Vin
= Ni

V CR
. (2.5)

Theoretically, capacitive converters can achieve a very high efficiency at fixed
conversion ratios close to the ideal conversion ratio Ni. For the applications covered
in this book, a wide range of varying Vin (and thus V CR) has to be covered. At high
V CR, large amount of separated capacitors Cfly,n have to be connected in series,
e.g., for V CR > 10 at least five separated capacitors are required [49]. Several
switched-capacitor converters have been published, which are able to configure
several different ideal conversion ratios Ni to cover larger Vin or Vout variations
by switching the flying capacitors in various parallel-series combinations in phase
ϕ1 and ϕ2 (see Fig. 2.6b). Figure 2.7 shows the theoretical efficiency (not covering
switching and control losses) for a wide V CR range with three and eight different
ideal conversion ratio (Ni). It can be observed that a higher number of Ni leads
to a significant improvement of the efficiency minima, as the efficiency increases
with a shorter distance to the next ideal conversion ratio Ni. Especially at high
conversion ratios, a significant increase of the granularity of the ideal conversion
ratios Ni is required to bring up the efficiency minima to an acceptable value. For
increasing numbers of Ni, the switched-capacitor converter has to be able to connect
the flying capacitors Cfly,n into an increasing number of different combinations. The
consequence is that several switches have to be connected to each side of Cfly,n to
realize the required capacitor combinations.

For a high efficient conversion over a large range of conversion ratios, tens of
switches need to be implemented. Several of these switches are connected in series
in the current path, limiting the maximum current of the converter due to a high
switch resistance. Increasing the switches to reduce the resistance would result
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Fig. 2.7 Theoretical efficiency of a switched-capacitor converter at varying conversion ratios

in larger switching losses. At high Vin, most of the switches require high-voltage
capability up to the input voltage, depending on the topology. Anyway, the gate
control voltage is typically below 5 V. A large amount of independent flying voltage
rails needs to be generated to control the switches. Usually, charge pumps or boot-
strap circuits, level shifters, and an often area consuming high-side isolation for each
switch add significant design effort and chip area. The area utilization for high-Vin
converters is further reduced as high-voltage capacitors for Cfly,n have to be used,
which are typically low-density metal-metal capacitors.

At any of the converter’s ideal conversion ratios Ni, the ideal output voltage
Vout,ideal cannot be reached as Iout leads to a voltage drop over the flying capacitors
within each switching period, as they have to deliver charge to the output. This is
equivalent to a voltage drop over the equivalent resistance, which is illustrated in
Fig. 2.7. The switched-capacitor converter achieves a high peak efficiency at output
voltages only very close to Vout,ideal (or Ni). To increase the operating range of
Vout towards Vout,ideal and thus to increase the peak efficiency, the size of the flying
capacitors or the switching frequency has to be increased. Larger Cfly,n impacts
chip area, while the frequency increase allows to cover the operating range towards
ideal output voltage (Vout,ideal). However, higher switching frequency also limits
efficiency, as it provokes large switching losses at the high-voltage switches. The
limitation at the operating range of Vout and thus the peak efficiency is indicated in
Fig. 2.7.

As a conclusion, the performance of switched-capacitor converters is expected
to be superior at fixed conversion ratios with a low and stable input voltage, as well
as small output currents. Wide-Vin switched-capacitor converters with Vin > 10 V
have been published at an output power in the range of tens of milliwatts [30, 40].
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2.2.2.3 Inductive Converters

The principle of an inductive converter is shown in Fig. 2.6c. A switching network,
connected to Vin, generates a pulsed signal at the switching node Vsw with the
amplitude of Vin. This signal is passed through a low-pass filter consisting of an
inductor L0 and a capacitor C0 to filter the pulsed signal to a lower DC output
voltage Vout.

By modulating the duty cycle of the pulsed signal at Vsw in a pulse-width
modulated (PWM) fashion, the output voltage can be easily adjusted for a widely
varying input voltage range, without changing the converter configuration.

Inductive converters achieve a significantly higher efficiency than linear reg-
ulators. Assuming the switches of the switching network and the output filter
(L0, C0) as ideal, no losses occur at all. If any of the switches of the inductive
converter is turned on, the switch carries the inductor current IL0. Ideally, no voltage
drop over the closed switch occurs, and the power losses of the switch are zero
(Ploss = 0 V · IL0). Also, no power losses occur if the switches are open, as the
current is zero (Ploss = 0 A · Vsw). The reactive elements L0 and C0 store energy,
which is transferred to Vout ideally without losses.

In a real implementation, several losses occur due to non-ideal elements. The
switches have a remaining on-state resistance Ron. Inductors have a DC resistance
Rdcr, core losses, losses by skin and proximity effect; capacitors have a series
resistance Resr, and parasitic capacitance of the switches and the inductor are
present at the switching node, which have to be charged and discharged once in
a switching period (details are described in Sect. 2.3.5 and Chap. 5). The losses
can be scaled down by a lower switching frequency what requires larger filter
components. The scalability between efficiency and size/cost allows a high level
of on-chip integration.

The most widely used inductive converter type for the applications in focus of
this book is the buck converter. In addition to the filter network, only two switches
are required. The buck converter is one architecture, which is studied in this book,
as it shows the highest potential for high integration with acceptable efficiency, even
at high Vin.

The fundamentals and the relationship of the converter parameters, efficiency,
and the size/cost are discussed in Sect. 2.3. The design and implementation of fast-
switching buck converters at high Vin are shown in Chap. 3.

2.2.2.4 Soft-Switching and Resonant Converters

Soft-switching includes switching techniques, which are utilized to reduce switch-
ing losses [25]. Typically, they are applied in resonant or quasi-resonant converters
[9, 34]. A theoretical explanation of different switching conditions, which are hard-
switching, zero-voltage switching (ZVS), and soft-switching is shown in Fig. 2.8.
An exemplary buck converter implementation with a high-side switch and a low-side
Schottky diode is shown, including its parasitic capacitance Csw at the switching
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Fig. 2.8 Theoretical considerations and introduction to zero-voltage switching (ZVS) and soft-
switching

node Vsw. In hard-switching condition, the high-side switch has to charge up Csw
from zero to the converters input voltage Vin, which causes significant charging
losses Pchg as Csw is charged resistively. The capacitive losses are covered in detail
in Sect. 2.3.5 and Chap. 5.

The high-side switch is considered to turn on with soft-switching if the switching
node Vsw is already pulled-up and Csw are pre-charged to a higher voltage, shortly
before the high-side switch turns on. The pull-up is caused by an additional circuit,
like a resonant circuit or an inductor, which is able to provide a loss-less pull-up
current Ipu for a very short time, and delivers sufficient charge to charge up Csw
as close as possible to Vin. This way, the remaining drain-source voltage Vds at the
high-side switch turn-on is significantly reduced compared to the hard-switching
condition with Vds = Vin. A reduction of the charging losses occurs. However, a
loss-less generation of Ipu is the main challenge in soft-switching converters.
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Zero-voltage switching (ZVS) at the high-side switch is the ideal case of soft-
switching. The pull-up current Ipu is designed such that Vsw is charged up and
reaches exactly Vin, when the high-side switch turns on with zero-voltage across
Vds. No additional charging of the switching node capacitance Csw is required, and
related losses are eliminated.

On top of the reduction of the charging losses, soft- or zero-voltage switching
additionally reduced transition losses described in detail in Sect. 2.3.5 and Chap. 5.
High transition losses occur, when the inductor current commutates to the high-side
switch while Vds is still large (e.g., Vds = Vin at hard-switching). The reduction of
Vds at turn-on by soft- or zero-voltage switching thus also reduces transition losses.

The benefit of zero-voltage switching is demonstrated in Fig. 2.9, which shows
a break down of the converter losses of an asynchronous buck. The loss break
down is obtained from a proposed efficiency model suitable for high-Vin multi-
MHz switching (details see Chap. 5). It describes the loss causing elements of
the converter, for example, the parasitic capacitances contributing to the switching
node capacitance Csw. While Fig. 2.9 (top) shows the losses in hard-switching
condition, in Fig. 2.9 (bottom) the loss contributors are marked, which disappear if
the converter is operated in ZVS (assuming an ideal Ipu to achieve ZVS condition).
At an input voltage of Vin = 12 V, the overall losses are theoretically reduced by
40%, while at higher input voltages, e.g., Vin = 48 V, losses are even reduced by up
to 80% with ZVS.

A synchronous buck converter, as described in Sect. 3.1, can additionally achieve
soft- or zero-voltage switching at its low-side switch if an ideal pull-down current
discharges the switching node from Vin towards ground, after the high-side switch
is turned off and before the low-side switch is turned on. In a buck converter, this
pull-down current is typically delivered intrinsically by a positive inductor current
flowing out of the switching node. An adequate timing control of the turn-on and
turn-off of the switches is required to achieve ZVS. In this book, this is addressed
with a dead time control, described in Chap. 6. An enhanced dead time control
proposed in Sect. 6.3 controls the low-side switch in a way to enforce negative
inductor currents flowing into the switching node. At the low-side switch turn-off,
the negative inductor current serves as pull-up current Ipu which charges up the
switching node such that the high-side switch can be turned on with soft-switching
as well.

Resonant converters are analyzed in Chap. 7. A parallel-resonant converter is
proposed, which connects an auxiliary resonant circuit to the switching node of the
buck converter, in order to generate the required pull-up current Ipu efficiently to
enable soft-switching of the converter to increase its power efficiency.

2.2.2.5 Hybrid Converters

Hybrid converters are a combination of different converter architectures. Two main
types of converters, which emerged in the past years, are multi-level buck converters
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Fig. 2.9 Potential loss reduction in a synchronous buck converter with zero-voltage switching
(ZVS) of the high-side switch, shown in a loss break down for an asynchronous buck converter
with a switching frequency fsw = 10 MHz, a load current Iout = 0.5 A, and an output voltage
Vout = 5 V
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[10, 23, 24, 26–28, 51, 55, 56] and resonant switched-capacitor converters [18, 33,
36, 37, 41, 42].

Multi-level buck converters, especially three-level buck converters, combine a
switched capacitor stage (see Sect. 2.2.2.2) into a buck converter (see Sect. 2.2.2.3).
The switched-capacitor part performs a first conversion step with a fixed ratio. The
remaining conversion ratio is realized by a buck converter. The benefit is a lower
conversion ratio at the buck converter, allowing an operation at a reduced current
ripple and a reduced voltage rating of the power switches. However, a three-level
buck converter uses four switches, instead of two in a regular buck converter, which
are in series. The converter operates with twice the on-state resistance, or twice
the parasitic capacitance to be charged in each phase if the on-state resistance is
kept equally to a regular buck converter. The disadvantages and advantages trade
off and lead to a benefit of this converter only under specific condition. Multi-level
converters are not covered in this book, but they are potentially suitable for high-Vin
multi-MHz operation.

Resonant switched-capacitor converters add a small inductor to a switched-
capacitor converter (see Sect. 2.2.2.2) to achieve a soft-switching in resonant mode
(see Sect. 2.2.2.4). This converter type is also excluded from the scope of this book,
as it is expected to have the limitations from both switched-capacitor and resonant
converters, and thus might be only conditionally suitable for highly integrated high-
Vin operation. A potential benefit is required to be investigated beyond the scope of
this book.

2.3 Buck Converter Fundamentals

Section 2.3.1 gives an introduction to the most important parameters of the buck
converter. In Sects. 2.3.2–2.3.4, the size and cost determining parameters are
discussed. An overview of the loss causes is given in Sect. 2.3.5, and the challenges
and limitations towards high Vin are shown in Sect. 2.3.6.

2.3.1 Buck Converter Parameters

The basic implementation of a buck converter is shown in Fig. 2.10. The switching
circuit (see Fig. 2.6c) contains a high-side switch SH and a low-side switch SL
which is implemented either as an integrated NMOS switch or a freewheeling diode
(details see Sect. 3.1). The switches are controlled by the pulse-width modulated
signals PWM and PWM to generate a pulsed input voltage Vin at the switching
node Vsw. The filter L0 and C0 generates a lower DC output voltage Vout.

During the on-time ton (see Fig. 2.10a), if PWM is high, SH is conducting and
Vsw is at Vin. During the off-time toff, if PWM is low, SL is conducting and Vsw
is at ground. PWM has a switching period T = ton + toff resulting in a switching
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Fig. 2.10 Principle of a buck converter with (a) a buck converter schematic, and (b) the related
signals

frequency fsw = 1/T . The duty cycle D of PWM determines the voltage conversion
ratio V CR = Vin/Vout, and thus the output voltage Vout of the converter, which is

D = Vout

Vin
= 1

V CR
= ton

ton + toff
= ton

T
= ton · fsw. (2.6)

Figure 2.10b shows the signals of the buck converter. During ton, the voltage over
L0 is approximately VL0 = Vin −Vout. This leads to a linear increase of the inductor
current IL0 within ton by �iL0(ton), which calculates to

�iL0(ton) = ton · Vin − Vout

L0
. (2.7)

During toff, the voltage over L0 is Vout, as the primary inductor side is at ground.
This leads to a linear decrease of the inductor current IL0 within toff by �iL0(toff),
which calculates to

�iL0(toff) = toff · Vout

L0
. (2.8)

If the actual output voltage Vout is lower than the target value resulting from the
adjusted duty cycle D (2.6), the average inductor current increases from period to
period, as �iL0(ton)> �iL0(toff). If the actual output voltage Vout is too large, the
inductor current is decreasing accordingly. The converter is in steady state, when IL0
current increases and decreases by the same value within ton and toff, respectively
(�iL0(ton) = �iL0(toff)). The steady-state current ripple of the triangular like
inductor current (as shown in Fig. 2.10b) can be expressed as

�iL0 = (Vin − Vout) · ton

L0
= Vout · toff

L0
= Vout

L0 · fsw
·
(

1 − Vout

Vin

)
. (2.9)
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The current ripple can be expressed as relative current ripple related to the output
current, which is �iL0/Iout.

The output capacitor has to buffer the inductor current ripple, as the output
current Iout is typically constant and do not follow the inductor current IL0. The
current IC0 flowing onto C0 is IC0 = Iout −IL0. IC0 generates a voltage ripple �vout
on C0, and thus at Vout (see Fig. 2.10b). The ripple �vout increases if IC0 is positive
and decreases if IC0 is negative. �vout is calculated by integrating IC0 during the
positive or the negative phase, respectively. Solving the integral during the time,
when IL0 is positive, results in a positive voltage ripple

�vout = �iL0

4 · C0 · fsw
. (2.10)

Figure 2.11 sketches the influence of Vout and Vin on the current ripple �iL0
and �vout. At constant Vout (Fig. 2.11a), both �iL0 and �vout become larger with
increasing Vin, however, both settle to an approximately constant value at conversion
ratios V CR in the range of 5–10 (at Vin in the range of 25–50 V). At constant Vin and
varying Vout (Fig. 2.11b), �iL0 and �vout are small at low Vout, and increase towards
higher Vout according to (2.9). Close to V CR > 0.5, the term (1−Vout/Vin) in (2.9)
becomes dominant and �iL0, as well as �vout, are decreasing again towards low
V CR if Vout reaches Vin.

The consequence for high-Vin converters with high conversion ratio is a sig-
nificantly higher inductor current and output voltage ripple, compared to low-Vin
converters (low conversion ratio).

2.3.2 Scaling of the Output Filter

The size and the cost of a buck converter is mainly determined by the passive
components L0 and C0, and the power switches. A relation of the particular
converter parameters on the passive components is obtained by solving Eqs. (2.9)
and (2.10) for the inductor value L0 and C0, which yields

L0 = Vout

�iL0 · fsw
·
(

1 − Vout

Vin

)
(2.11)

and

C0 = �iL0

4 · �vout · fsw
. (2.12)

L0 and C0 are inversely proportional to �iL0 and �vout. Thus, L0 and C0 scale
identically with varying Vout or Vin, as it is depicted for �iL0 and �vout in Fig. 2.11.
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Fig. 2.11 Influence of Vin
and Vout on the current and
voltage ripple �iL0 and �vout
(with L0 = 2 µH,
C0 = 100 nF,
fsw = 10 MHz). (a) Variation
of input voltage at
Vout = 5 V. (b) Variation of
output voltage at Vin = 12 V

Subsequently, the influence of the particular parameters on L0 and C0, and thus
on the size of a buck converter, is described.

Output Voltage Vout linearly scales up L0 if V CR remains unchanged. For
example, a conversion from 50 to 10 V requires a 10× larger inductor than a
conversion from 5 to 1 V. Vout has no influence on the value of C0. Anyway, a
higher Vout requires a capacitor with a higher voltage rating, which could influence
the size and cost of C0.

Input Voltage and Conversion Ratio If Vin increases at a fixed output voltage
(increasing V CR), a larger value of L0 is required, as long as V CR stays small. For
larger conversion ratios (V CR > 5), the term (1 − Vout/Vin) becomes very small
and the influence of Vin on L0 disappears. As long as the converter is designed such
that the current ripple remains unchanged, the size of C0 is independent of Vin.
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Fig. 2.12 Size reduction of C0 and L0 with increasing switching frequency

Switching Frequency An increasing fsw linearly scales down both L0 and C0.
Therefore, operating the converter at higher fsw is the first choice if size and cost
reduction is important. An example for size reduction of the passives with increasing
switching frequency is demonstrated in Fig. 2.12. A detailed analysis of the inductor
scaling with the switching frequency is done later in Sect. 2.3.3.

Inductor Current Ripple �iL0 scales down L0 but scales up C0. Thus, the
current ripple can be used to balance the values L0 and C0, i.e., the size of L0
can be reduced at the expense of a larger C0. To a certain extent, the inductor
can be reduced by increasing the capacitor to balance the overall size and cost
of the converter. However, �iL0 can be increased only within the constraints of
the converter efficiency. Smaller L0 reduces the wiring and thus the inductor’s DC
resistance, however, larger �iL0 increases both, DC losses (resistive losses in the
switches and the inductor windings) and AC losses (core losses, skin and proximity
effect). Thus, a properly chosen �iL0 allows a further optimization of the converter
efficiency and the size of the passives.

Output Voltage Ripple The output voltage ripple �vout linearly scales down with
an increasing C0 at a fixed �iL0 and fsw. For a better output voltage ripple, a larger
C0 is required. Alternatively, �iL0 can be scaled down, resulting in a larger inductor
value.

Output Current Both the values of L0 and C0 are independent of the output
current Iout. Anyway, to keep losses low, a higher output current results in larger
power switches with less on-state resistance, an inductor with lower Rdcr (thicker
windings), and a core with a higher saturation current value.

2.3.3 Scaling of Real Inductors

Equation (2.11) shows that the value of an inductor for a given operating point
Vin and Vout can be influenced by the switching frequency fsw and the current
ripple �iL0. In this section, the scaling of inductor losses, including AC losses
(core losses, skin effect, proximity effect) and DC losses (wiring resistance), and the
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inductor volume towards higher switching frequencies is explored by a comparison
of inductors available on the market. For this reason, inductors from a large inductor
supplier are analyzed in terms of volume (and thus power density) and losses (with
loss models provided by the supplier). The converter was assumed to operate at 48 V
input, 5 V output, and 0.5 A load current.

First, the current ripple was chosen to be fixed at a typical value of �iL0 =
0.2 A (�iL0/Iout = 40%), and the inductors were chosen to operate at different
switching frequencies. The required inductor value for each switching frequency
was calculated. For each of the resulting inductor values, all suitable inductors,
offered by the vendor, were analyzed by comparing inductor losses, inductor
volume, and price. A summary of all analyzed inductors is shown in the Appendix
(see Fig. 2.20). At each frequency, the inductor with the smallest available inductor
volume is selected. Figure 2.13a (left) depicts the inductor losses, the inductor
volume (marker size), and the price (color scale) of the selected inductors. It can
be observed that a frequency increase allows scaling down the smallest available
inductor volume, and at the same time it exhibits significantly lower inductor losses,
as the DC resistance is reduced due to the reduction of the required inductor
value. Only at frequencies above 30 MHz and at high current ripple, AC losses
become dominant, and thus make air-core inductors the favorable choice. This is
in accordance with a theoretical study of the inductor scaling in [39]. Moreover, the
price of the inductors reduces towards smaller inductor volumes. At fsw = 1 MHz
the most expensive inductor is required, with a ferrite core of L0 = 22.4 µH, a
volume of 17 mm3, and a price of 0.78 US$. Increasing the frequency, for example
up to fsw = 20 MHz, the inductor value can be reduced to L0 = 1.1 µH with a six
times smaller volume of only 3 mm3. This inductor is available at a price of only
0.30 US$, even using a more expensive compound core material. Other operating
conditions show a similar trend. Air-core inductors are not beneficial below 30 MHz,
as increasing inductor windings without a core require thicker wires to keep the
DC resistance low. This results in a significantly higher inductor volume and price,
as the price generally scales with the amount of required wiring material (e.g.,
copper). Higher switching frequencies up to the range of 20–30 MHz are thus highly
beneficial for smaller inductor volumes, lower price, and less heat dissipation.

Secondly, a similar inductor analysis is done, while the switching frequency is
kept constant at fsw = 10 MHz and the inductors values are selected to achieve
different inductor current ripple. Again, the inductors with the smallest available
inductor volume are depicted in Fig. 2.13a (right) for different current ripple. The
inductor losses increase by more than three times if the current ripple is increased
from below 100% towards 300% (at 0.5 A load) if the inductor volume remains
equal. The inductor losses can only be decreased by significantly increasing the
inductor volume, which is demonstrated in Fig. 2.13a (right) with two additional
inductors of 0.3 µH. These inductors, which operate at a current ripple of 270%,
are chosen such that they have inductor losses comparable to a 1.5 µH inductor
operating at 60% current ripple. Even at a five times smaller inductor value, the
inductor volume is at least three times larger.
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Fig. 2.13 Available inductors for varying fsw and �iL0 at Vin = 48 V,Vout = 5 V and Iout =
0.5 A. (a) Losses of selected inductors with minimum volume. (b) Losses of the inductors with
minimum price

As an example, a selected inductor for a proposed converter of this book, which
will be shown in Sect. 7.2, is added to Fig. 2.13a. The converter is suitable to operate
at switching frequencies of 8–25 MHz. The output filter inductor (L0) is chosen as
an inductor with a ferrite core with a value of 1.5 µH, as this results in a current
ripple range of approximately 80–380 mA (15–75% at Iout = 0.5 A). According
to the analysis of Fig. 2.13a, the current ripple allows to determine the best trade-
off between inductor losses and inductor volume. By further increasing the current
ripple with a slightly smaller inductor value (e.g., L0 = 1 µH), the inductor volume
could be further reduced, with the drawback of higher inductor losses.
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Figure 2.13b shows a similar analysis, while for each operating point the induc-
tors with the lowest price are depicted. It can be observed that the minimum possible
inductor price and the related volume is rather constant across the frequency range
from about 5–25 MHz. For higher current ripples, the minimum possible price is
also in the same range, however, the inductor volume scales down with the drawback
of increasing inductor losses.

As a conclusion, an increasing switching frequency and a selection of the
inductor to operate in a favorable current ripple range enables smaller inductor
volumes and prices, as well as lower inductor losses, which partially compensate
the higher switching losses towards higher switching frequencies.

2.3.4 Scaling of Real Capacitors

Equation (2.12) showed that the output capacitor C0 for a give output voltage can be
reduced with a higher switching frequency fsw and a lower inductor current ripple
�iL0. The volumes of the capacitors are limited to its standardized packages. To
obtain the optimal capacitor concerning price or volume for a given fsw and �iL0,
all available ceramic SMD capacitors (which are typical for this kind of converters)
with equal voltage ratings were extracted from a larger internet vendor. Figure 2.14
shows the price (y-axis) and the volume (size of markers) for different capacitor
values (x-axis). Figure 2.14a shows selected capacitors, which have the lowest price
at each of the depicted capacitor values, while in Fig. 2.14b, the capacitors are
selected for the smallest available package for each value, and thus for the smallest
volume. It can be observed that the price for capacitors in the range of 100 pF to
100 µF has an U-shaped behavior. The cheapest capacitors are available in the range

Fig. 2.14 Available capacitors, suitable as a buck converter’s output capacitor. (a) Minimum price
for different capacitors. (b) Minimum volume for different capacitors
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of 10 nF to 1 µF. Capacitors within large packages, as well as capacitors in very
small packages are expensive. Figure 2.14 reveals that capacitors with a value of
100 nH and below are available in the smallest possible package. From this analysis
it can be concluded that the optimal capacitor C0 in terms of volume and costs is
achieved, when the converter is designed such that C0 is in the range of 10 nH and
1 µH. In certain operating points, a multi-MHz converter could be designed smaller
and cheaper with a larger value of C0, which even has a smaller output voltage
ripple, or allows a higher �iL0, and thus a smaller value of L0.

In conclusion, the costs and especially the size of the passives of a buck converter
can be significantly reduced by increasing the switching frequency, and by choosing
a suitable value for the inductor current ripple. While the converter even benefits
from lower inductor losses at higher switching frequencies, the switching losses
within the power stage significantly increase at higher fsw, and impacts the overall
converter efficiency.

2.3.5 Losses in a Buck Converter

The losses in a buck converter are reviewed by considering a real implementation
of a synchronous buck converter, as depicted in Fig. 2.15. The ideal switches SH
and SL from the principle buck converter schematic in Fig. 2.10a are assumed
to be implemented as NMOS transistors. A more detailed loss consideration for
different buck converter implementations is shown in Chap. 5. Figure 2.15 includes
the parasitic capacitances of the NMOS switches. The parasitic capacitances appear
between all terminals of the transistors. A gate driver circuit is required to rapidly

Fig. 2.15 Buck converter with parasitic capacitances, implemented with a synchronous output
stage
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charge the parasitic gate capacitances when the NMOS transistors are turned on
or off.

The losses of the buck converter can be differentiated between static transition
losses. Static losses occur during phases, in which the voltage and current conditions
in the converter are nearly unchanged. Switching losses appear during the switching
transitions, when the switches are turned on or off. An overview of the loss
contributors is shown subsequently. Chapter 5 covers a more detailed analysis of
these loss contributors and presents implementation of those as an efficiency model
to simulate losses at varying operating points.

The following static losses occur in the converter [57]:
Switch conduction losses are caused by the inductor current flowing through

the finite resistance of the power switches. The losses occur at the high-side switch
during ton, and at the low-side switch (or a freewheeling diode in an asynchronous
buck converter, see Sect. 3.1) during toff.

DC inductor losses are caused by the inductor current flowing through the DC
resistance of the inductor windings.

The switching losses are categorized as follows:
Charging losses of the switching node capacitance occur at the converter’s

switching transitions. The parasitic capacitances Csw at Vsw are either charged up
to Vin when MNHS turns on, or discharged to ground when MNLS turns on. As
the charging and discharging of Csw is caused resistively by Ron,hs or Ron,ls, losses
occur in MNLS and MNHS.

Charging losses of gate capacitance are caused in the gate driver, when the
power switch is turned on and turned off. Parasitic capacitances of the gate (Cgd
including miller capacitance, and Cgs, see Fig. 2.15) of the power switches MNLS
and MNHS are charged and discharged within the range of the gate driver supply
voltage, which is typically in the range of 5 V in the technology used for this book.
At Vgs,hs = Vgs,ls = 5 V, the power switches are fully turned on. At Vgs,hs =
Vgs,ls = 0 V, the switches are turned off, i.e., Vg(MNHS) = Vsw and Vg(MNLS) =
GND. The gate charge at turn-on and turn-off of the power switches is dissipated
by the driver transistors of the gate driver output stage to the gate driver supply or
to the gate driver ground potential, respectively (details are shown in Sect. 4.4).

Transition losses occur, when a power transistor is turned on. The drain-source
voltage Vds over the switch drops from approximately Vin to very low voltages, as
the parasitic capacitances Csw at the switching node Vsw are charged or discharged
with a nearly constant current. This current is limited by the transistor operating
in saturation region during most of the transition time, especially at high Vin. This
causes an approximately linear voltage transition at Vds. As the inductor current IL0
fully started flowing through the transistor already at the beginning of the voltage
transition, the power losses caused by the inductor current, which are Vds · IL0,
are significantly higher, as long as Vds has not fallen to its final small value of the
transistor’s on-state.
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AC inductor losses are mostly generated by the change in magnetization of a
core material, which is not loss free. Thus, the stored energy in the inductor can be
recovered entirely due to a hysteresis in the relation of the magnetic field intensity
and the flux density. Hysteresis losses occur, which are proportional to the switching
frequency. Other losses are caused by eddy currents, which are induced currents
in the conducting core material. Both losses depend strongly on the design of the
inductor core. Eddy currents are also responsible for increased losses in the inductor
windings, which are known as skin effect and proximity effect.

Dead time related losses are related to the timing between the low-side switch
turn-off and the high-side switch turn-on, and vice versa. The high-side and low-side
switch in a synchronous buck converter are not allowed to be turned on at the same
time, otherwise cross conduction occur, which lead to excessive losses. A dead time
(also called non-overlap time) is required, i.e., the conducting switch is turned off
before the open switch is turned on. Figure 2.16 demonstrates the dead time at the
converter’s turn-high transition. The gate drive signal of the low-side switch Vgs,ls
first turns off, while the gate driver signal of the high-side switch Vgs,hs is turned on
after a certain dead time. Assuming a positive inductor current, IL0 first drops over
the on-state resistance of the low-side switch. During the dead time, in which none
of the switches is conducting, IL0 commutates to the body diode Db. The voltage
drop over the low-side switch increases from IL0 ·Ron,ls in switch conducting state to
Vf during the dead time. Vf is the forward voltage drop over the body diode Db while
it is carrying IL0. The voltage difference

(
IL0 · Ron,ls

) − Vf generates additional
losses caused by a dead time, which is chosen too long. When MNHS turns on and
Vsw is pulled high, the body diode Db does not stop conducting immediately due
to the reverse recovery effect. A large amount of charge is dissipated from Vin to
ground as MNHS and Db are conducting at the same time, which lead to high reverse
recovery losses.

Fig. 2.16 Dead time and related losses
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During the dead time at the converter’s turn-low transition, the inductor current
discharges the parasitic capacitances at the switching node after the high-side switch
has turned off. This prevents a body diode conduction of the high-side switch. Thus,
no diode losses occur in this case. As a non-resistive element (inductor) causes the
discharge of Vsw and the charge of Csw is recycled, as it is used as part of the
output current Iout, ideally (assuming L0 as ideal) no losses occur during the dead
time. When MNLS turns on after the dead time with a positive voltage at Vsw, the
remaining charge at Csw is dissipated to ground by Ron,ls and losses occur in the
low-side switch. The amount of charge dissipated to ground depends on the actual
voltage at Vsw when MNLS turns on. Ideally, dead time DTlo is chosen long enough,
such that IL0 is able to discharge Csw to zero to eliminate the discharge losses, when
the low-side switch is turned on. A dead time DTlo chosen too short, significantly
impacts the amount of losses occurring in the low-side switch. A detailed analysis
of the dead time related losses is done in Sect. 5.4. To eliminate dead time related
losses across varying operating points, a dead time control is proposed in Chap. 6.

Losses in gate driver and control circuits are mostly related to switching
losses, as the dominant losses are caused by generating and propagating the
frequency dependent PWM signal to the power switches. Especially the gate driver
is accounting significantly to the losses due to the required driving strength for a fast
turn-on of the power switches. The gate driver for the high-side switch requires an
independent supply (high-side supply), as it is referenced to the source of the high-
side transistor, and not to the overall system ground. As the PWM signal generation
takes place on a low-side supply, which is typically 5 V or below, a level shifter
is required to shift the PWM signal level to the high-side supply rails. The power
consumption of each sub-circuits contributes to the overall losses of the converter.
Low-power design techniques are required to limit the impact on the converter
efficiency. Static losses of non-switching circuit blocks in the control loop and
biasing circuits are typically not significant, as long as the converter is not operating
at very low output power.

To optimize the converter losses, an accurate modeling of the different loss
mechanisms is crucial. Chapter 5 shows the implementation of an efficiency model,
which is specifically suitable to model the losses at high-Vin multi-MHz switching.
It allows optimizing converter parameters such as the size of the power transistor,
and enables a detailed analysis of the different loss contributors.

Figure 2.17 shows a typical loss distribution of a buck converter, obtained with
the proposed efficiency model at Vout = 5 V and Iout = 0.3 A. In Fig. 2.17a, the
converter losses are depicted over the switching frequency at Vin = 48 V. It can
be observed that all switching losses are linearly increasing with the switching
frequency and thus become dominant towards 10 MHz. Accordingly, the losses are
depicted over the input voltage Vin for a switching frequency of fsw = 5 MHz
in Fig. 2.17b. In this simulation, it can be observed that the losses related to the
switching node capacitance Csw and also the dead time related losses even increase
quadratically with the input voltage. The dead time is assumed to be fixed at a
value of approximately 5 ns for the turn-high and the turn-low switching transition,
which is a realistic value for integrated state-of-the-art converters. Due to charging
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(a) (b)

Fig. 2.17 Example for loss distribution in a buck converter with Iout = 0.3 A, Vout = 5 V with
(a) losses versus the switching frequency at Vin = 48 V, and (b) losses versus the input voltage at
fsw = 5 MHz

or discharging of the parasitic capacitances Csw to or from Vin in each switching
event, the dissipated energy in the power switch is

Wsw = 1

2
· Csw · Vin

2. (2.13)

The resulting power losses, which are Wsw · fsw, are thus proportional to Vin
2. The

dead time related losses are depending linear on Vin. When the high-side switch
turns on after the dead time DThi, the amount of charge Qrr flowing through the
low-side body diode during its reverse recovery time is delivered from Vin through
the high-side switch. Thus, the resulting energy, which is lost in each high-side turn-
on event is

Wqrr = Qrr · Vin. (2.14)

The average power loss due to Qrr calculates to Wqrr · fsw.
From Fig. 2.17, it can be concluded that a converter operation towards higher

input voltages and an increasing switching frequency at the same time leads to
significantly higher converter losses and lower power efficiency. An increase of the
switching frequency, and thus related size of passives of a converter is limited by the
converter losses. An optimization of the losses thus is related to enabling a smaller
converter size.

The largest loss contributors at high Vin and high fsw, which enable the highest
potential for loss reduction, are losses caused by charging and discharging the
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switching node capacitance Csw, transition losses, and losses related to the dead
time.

In this book, an optimization of the converter is addressed in several aspects. (1)
Different buck converter architectures, including technologies used for the power
switches, are analyzed and compared with respect to power conversion efficiency
and implementation effort. This allows discovering the most beneficial architecture
for a given operating range of the converter. The trade-offs between different
converter architectures are discussed in Sects. 3.1 and 5.6. (2) A dead time control
to eliminate dead time related losses in an asynchronous buck converter is proposed
in Chap. 6. (3) Achieving soft-switching condition at the power switches to reduce
or even eliminate switching losses is addressed by resonant converters, which are
discussed in Chap. 7. A parallel-resonant converter topology is proposed, which
even allows soft-switching across a wide input voltage range.

2.3.6 Design Challenges for High-Vin

A fundamental limitation of the switching frequency of a buck converter at higher
conversion ratios, and thus input voltages, is the minimum on-time of the PWM
modulated switching signal Vsw. Figure 2.18a shows the timing of Vsw of a buck
converter for different conversion ratios and switching frequencies. At 1 MHz
switching, with a period of 1 µs, a voltage conversion ratio of V CR = 2 (e.g.,
Vin = 4 V and Vout = 2 V) requires a converter on-time ton = 500 ns, as calculated
from (2.6). Assuming an increase of the switching frequency to fsw = 30 MHz,
ton significantly reduces to 15 ns. If the conversion ratio is further increased to
V CR = 10, e.g., in a conversion from 50 V input to 5 V output, ton reduces to a
very small value of 3 ns at fsw = 30 MHz. Already at lower input voltages, the on-
time becomes critically small if the output is regulated directly to the point-of-load,
e.g., in a conversion from Vin = 12 V to Vout = 1.2 V.

2.3.6.1 Circuit Design Requirements

To operate the switching node Vsw with an on-time as low as ton = 3 ns, the
according PWM signal has to be generated on the low-side domain, propagated
through a level shifter to the high-side gate driver voltage domain (high-side) and
finally control the high-side power switches via the gate driver. The gate driver
has to be able to turn on the power switches within at least 1 ns. The low-side
switch requires an inverted PWM signal, with a minimum off-time of 3 ns. All sub-
circuits, which are responsible to generate or propagate the PWM signal are timing
critical. They have to operate at the switching frequency, and they have to be able
to propagate the minimum on/off-time pules without a significant disturbance of the
pulse width. Circuit design for pulses in the low nanosecond range is critical for
high-voltage converters, as a high-voltage technology has to be used for the sub-
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Fig. 2.18 On-time limitation
of the switching signal (Vsw)
and its limitation by
switching frequency,
conversion ratio and input
voltage. (a) Converter
on-time ton reduction with
higher conversion ratios and
higher switching frequency.
(b) Technology limitation of
switching transition sets
minimum possible width of
on-time pulse

circuit design, which are typically optimized for high-voltage, while the regulation
bandwidth is often limited to the sub-gigahertz range, allowing small pulse of a few
nanoseconds only with special design techniques. The design of the circuit blocks
complying to this requirement is proposed in Chap. 4.

2.3.6.2 Input-Voltage Dependent Limitation of the Switching Frequency

A second fundamental limitation of the switching frequency at high Vin is the limited
rise time of the slope of the on-time pulse of the switching node Vsw, which is shown
in Fig. 2.18b. Integrated power switches in silicon technologies allow a maximum
voltage slope in the range of 50 V/ns. This value is independent of the power switch
size, as larger switches would deliver a higher charging current, but the parasitic
capacitances scale proportionally and thus lead to a constant voltage slope.

A realistic on-time pulse at Vin = 50 V, as it is depicted in Fig. 2.18b, would thus
require at least 1 ns for the voltage transition from zero to 50 V. At a PWM on-time
of 3 ns, a significant part of the converter energy is transferred during the switching
transition, where it leads to high transition losses (a detailed transition loss analysis
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is covered in Sect. 5.3). The transition losses increase with shorter PWM on-time
pulses, as a lower duty cycle is related to increase of the input voltage.

Concluding, an input voltage as high as 50 V suffers from a structural limitation
of the switching frequency at around 30 MHz, depending on the technology. At
lower Vin this limit scales up proportionally. The goal of this book is to demonstrate,
how converters can be realized, which are operating up to this structural limitation.

2.4 State-of-the-Art Converters

A review of selection of relevant existing converters for input voltages up to 50 V
with integrated power switches is shown in Fig. 2.19 [6]. The efficiency, the input
voltage and the switching frequency of both, converters available on the market, and
converters from scientific publications are compared. In Fig. 2.19a, the efficiency is
shown versus the converter’s input voltage, with the marker sizes representing the
switching frequency. In Fig. 2.19b, the efficiency is plotted versus the switching
frequency, with the marker sizes representing the input voltage.

Figure 2.19a shows that converters with integrated power switches are available
for the entire input voltage range up to 50 V (and even higher). However, higher
switching frequencies above 5 MHz can only be found in scientific publications and
only at very small input voltages below 5 V [1, 4, 5, 12, 13, 15, 16, 21, 22, 29, 31,
38, 43, 44, 46, 47, 50, 52, 53]. Towards larger input voltages, converters operate at
a decreasing switching frequency as well as a lower efficiency.

Figure 2.19b only contains converters with input voltages above 5 V. It can be
seen that for higher Vin, switching frequencies are limited to below 5 MHz. As

(a) (b)

Fig. 2.19 Efficiency of published state-of-the-art converters and converters available on the
market depicted over (a) the input voltage Vin and (b) the switching frequency fsw for converters
with Vin > 5 V
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discussed in Sect. 2.3.6, the expected structural limitation by the technology is only
expected to appear at around 30 MHz at, e.g., Vin = 48 V and a voltage conversion
ratio V CR = 10. At lower input voltages or conversion ratios, this limitation is
even shifted to higher switching frequencies. The frequency range between 5 MHz
and the technology limit is not covered by any of the converters. This gap reveals a
high potential for a significant reduction of the converter size and cost.

This book demonstrates how the frequency gap from available converters towards
the structural technology limit can be closed or significantly tighten in order to
achieve a significantly higher level of integration by faster switching. This book
shows, how converters are pushed to the technology limit by (1) improving the
limited speed of the circuit blocks to be able to realize and propagate on-time
pulses in the range of 3 ns and (2) to address the decreasing converter efficiency
by improving losses in conventional converters and finding new more efficient
architectures.

Appendix

Figure 2.20 depicts a summary of all buck converter’s output inductors analyzed
in Sect. 2.3.3. For each operating point, a large variety of different inductors are
available. The best compromise between volume, size, and inductor losses have to
be found, depending on the system requirements.

Fig. 2.20 Losses of selected inductors with a reasonable price or volume plotted versus fsw at
�iL0/Iout = 40% (left) and versus �iL0/Iout at fsw = 40% (right)
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Chapter 3
Fast-Switching High-Vin Buck Converters

This chapter compares different buck converter implementations with respect to
high input voltages at high switching frequencies. It comprises different buck
converter architectures, implementation aspects, an overview of power switch
technologies, and the impact of fast switching on circuit blocks by switching noise.

3.1 Buck Converter Architectures

Two basic buck converter architectures are shown in Fig. 3.1, the synchronous buck
converter using a freewheeling diode Vdio to offer a current path to GND when the
high-side switch is off, and the synchronous buck converter using a power switch
SL instead of the freewheeling diode.

The asynchronous buck converter in Fig. 3.1a has the advantage that no control
circuits are required for DL. In comparison to the synchronous buck converter in
Fig. 3.1b, the gate driver and the gate charge of SL cause additional switching losses.
Nevertheless, a power switch can be designed to have a low on-state resistance to
reduce conduction losses of the inductor current, while the minimum voltage drop
over a diode is always limited to its threshold voltage in the range of about 0.3–
0.7 V, which leads to higher conduction losses. Using a low-side switch, a dead
time needs to be introduced to avoid cross currents, as discussed in Sect. 2.3.5.
Integrated Schottky diodes are often not available in many technologies, or they are
not optimized for the requirements of a buck converter (e.g., high reverse recovery).
Thus, freewheeling diodes are often placed as external component, while a low-side
power switch allows to be fully integrated. An investigation, of which of the both
architectures is superior, is done in Chap. 5 by considering all parameters impacting
the losses.

A further property of an asynchronous buck converter is that the diode do not
allow negative inductor currents, which can occur when the inductor current ripple
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Fig. 3.1 Buck converter implementation: (a) Asynchronous buck converter with low-side (Schot-
tky) diode; (b) Synchronous buck converter with low-side switch

exceeds the output current of the converter. If the inductor current is about to reverse,
the diode stops conducting and the switching node becomes high impedance. This
mode is called discontinuous conduction mode (DCM). Operating the converter in
DCM has strong impact on the converter regulation and it is more challenging to
achieve a stable output voltage regulation [4].

A synchronous converter allows to keep the switch turned on when the inductor
current becomes negative, which leads to the continuous conduction mode (CCM).
This is the preferred operating mode, as the regulation behavior does not change
even for negative inductor currents. The option to operate the synchronous buck
converter in DCM is possible by simply turning off the low-side switch at the point
when the inductor current reverses.

A second fundamental decision impacting the architecture is whether a PMOS
or an NMOS power transistor is used. A NMOS transistor typically has a better
on-state resistance at lower parasitic capacitances, which significantly impacts the
switching losses. For the low-side power switch in a synchronous converter, an
NMOS transistor is always feasible, as its gate can be easily controlled between
GND and the turn-on voltage which is 5 V in the technology used for the
implemented converters of this book. This voltage is anyway required to supply
the converter’s low-voltage control circuits.

Using a PMOS as high-side transistor, as shown in Fig. 3.2a, has the advantage
that the source of the PMOS transistor is connected to Vin, which is nearly constant
within one switching period. Consequently, the gate-source control voltage of the
PMOS switch (MPhs) has to be referenced to Vin, and thus the gate driver ground
HSGND, which is, e.g., 5 V below Vin, and the entire high-side supply rail is also
constant over the whole switching period. Thus, the design criteria for the level
shifter and the gate driver is, besides a low power consumption, that the PWM signal
is transferred through the power stage (level shifter and gate driver) to the gate of
MPhs with a minimum propagation delay td,ps (Fig. 3.2a).

Using an NMOS transistor high-side switch, as shown in Fig. 3.2b, leads to
a significant different behavior of the high-side supply rail, as the source of the
NMOS transistor MNHS is connected to the switching node Vsw. The gate driver
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Fig. 3.2 High-side power switch in a buck converter implemented as (a) PMOS transistor and (b)
NMOS transistor

ground and the output of the level shifter have to be referenced to Vsw, and a high-
side gate driver supply Vboot has to be generated, which is, e.g., 5 V above Vsw.
During switching events, the floating high-side supply rail follows the fast switching
source of MNHS with slopes up to 50 V within sometimes less than 1 ns. Parasitic
capacitances at the high side have to be charged or discharged in each switching
transition. High-side circuits in the level shifter contain parasitic capacitances from
the high side to the signal path in the level shifter (represented by Cp,ls in Fig. 3.2b),
which cause coupling currents Icpl,sig into the level shifter of >2 mA at transitions
as high as 50 V/ns. The coupling currents are overlaid with the signal currents
Icpl,sig of the level shifter, resulting the signal currents to be disturbed and causing
a false switching of the high-side power switch. Hence, the level shifter in a power
stage controlling an NMOS switch additionally has to be very robust against these
coupling currents.

Figure 3.3 shows different circuits to generate the high-side supplies. For a
PMOS high-side switch, the most suitable circuits to generate the HSGND rail
is either a linear regulator (Fig. 3.3a) or a charge pump (Fig. 3.3b). Both can be
integrated on chip. A linear regulator is superior in efficiency compared to a charge
pump at lower Vin, as a charge pump causes switching losses and losses over the
diodes. The pumping frequency of the charge pump could be decreased, which
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Fig. 3.3 Generation of the high-side supply voltages: (a) Linear regulator and (b) charge pump
to generate HSGND for controlling a high-side PMOS switch; (c) bootstrap circuit to generate a
floating high-side supply for controlling a high-side NMOS switch

would require large capacitances, and prevent a full integration at least of the
pumping capacitance. As the charge pump losses are not significantly depending
on Vin, it is the preferred solution for higher Vin, where a linear regulator causes
high losses due to a high voltage drop over the regulation transistor MPlin.

The high-side supply, required to control an NMOS high-side switch, is typically
generated by a bootstrap circuit, as shown in Fig. 3.3c [5]. While Vsw is at low level,
Cboot is charged from the low-voltage domain Vdd5. During charging, the diode
voltage drop Vdio is partially canceled, as the switching node is pulled below ground
by the inductor current dropping over the on-state resistance of the low-side switch.
The high-side voltage Vboot − Vsw thus slightly depends on the converter output
current and calculates to

Vboot − Vsw = Vdd5 − Vdio + IL0 · Ron,ls. (3.1)

The buffer capacitors CHSGND and Cboot are typically implemented off-chip.
They have to be large to avoid a drop in the high-side supply, when the power
switches are turned on or off, and a large amount of charge is required instantly
to charge or discharge the gate of the power switches.
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3.2 Power Switch Technologies

As the power switch is the most critical component in terms of converter size and
efficiency, a comparison of suitable technologies for power switches is shown in
Fig. 3.4. For input voltages up to 50–100 V, the power switch can be fully integrated
as laterally diffused metal-oxide semiconductor (LDMOS) (Fig. 3.4a) in standard
silicon (SI) CMOS technologies. This option allows a monolithic integration of
the power switch on a single chip together with the control circuits of the voltage
converter. This saves cost in packaging and has a benefit in very low parasitics
especially in the gate control path, as the gate driver can be connected directly to the
gate. However, the lateral implementation limits the current capability of LDMOS
devices to a few amperes.

Power switches realized as a vertical structure are suitable for significant higher
currents, as the available cross section for the current to flow is larger in vertical
structures compared to lateral devices, in which the current mostly flows along the
surface. A basic implementation is the double-diffused metal-oxide semiconductor
(DMOS), which is shown in Fig. 3.4b. As this technology is not compatible to
standard CMOS technologies, these switches have to be connected as separate

Fig. 3.4 High-side power switch technologies. (a) Integrated LDMOS FET in silicon. (b) External
vertical switch in silicon. (c) External switch in gallium nitride (GaN)
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devices to the controller IC of the voltage converter. This inherits significantly
higher parasitics in the gate control loop due to the packages and bond wires.

A rather new technology for power switches is gallium nitride (GaN) [3, 7]. This
technology allows a significantly higher power density and is especially suitable for
fast switching [6, 10–15, 17, 20]. A cross section and a die photograph of a GaN
power switch is shown in Fig. 3.4c. Attempts were made to make this technology
compatible to standard CMOS, and to produce GaN devices on a SI waver. However,
GaN on top of SI requires an additional technology [2]. Several standalone GaN
devices are available on the market. Due to the fast switching capability, parasitics
become even more crucial compared to vertical devices.

Some essential parameters, which are determining the switching behavior of the
devices, are compared in Table 3.1. Lateral SI devices are typically integrated up to
a maximum converter output current of about 5 A. External vertical SI metal-oxide
field-effect transistors (MOSFET) are generally only available as larger devices
suitable for small on-state resistance (e.g., <200 mV), which makes its usage only
reasonable for converters with output currents above 5 A. External GaN switches
are offered with a wide range of sizes (Ron«1 �), which allows to cover large output
currents of tens of amperes, as well as very small currents below 500 mA.

Crucial for the switching losses and switching behavior is the amount of charge
Qoss flowing into the drain (switching node) and the charge Qg flowing into the
gate of the devices in each switching event. Typically, Qoss and Qg determine the
switching losses. Table 3.1 compares the figure-of-merits Qg · Ron, Qoss · Ron, as
well as Area · Ron, indicating the size of the switch at a certain Ron, for the three
different switch technologies. Typical values of the figure-of-merits for external SI
and GaN devices were previously published in [12]. In addition, these data were also
extracted by simulation for an integrated 50 V LDMOS of a 180 nm high-voltage
BiCMOS technology, which was used for the implemented converters of this book.

Table 3.1 shows that for a 50 V device, vertical SI devices require an up to 3 times
higher gate charge and a more than 1.5 times higher on-state switching charge Qoss
as a GaN transistor with the same Ron. Also size of the device is about 1.5 times
larger in vertical SI devices compared to GaN. The comparison of fully integrated

Table 3.1 Comparison of switching performance of different switch technologies used for a
voltage converter with Vin = 50 V

Lateral SI Vertical SI GaN

Switch Full integration External External

Iout,max <5 A >5 A >500 mA

Qg · Ron/nC m� 350 65 22

Qoss · Ron/nC m� 800 85 50

Area · Ron/mm2 m� 70 26 18

dVsw/dt /V/ns <50 <10a >300b

aTypically limited by the parasitics of the package and internal wiring
bSlopes in published GaN converters are typically slowed down to <50 V/ns because of parasitics
inductance
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lateral SI devices resulted in a 5 times higher gate charge and nearly 10 times higher
on-state switching charge compared to vertical SI devices, this is an up to 15 times
higher Qg and Qoss compared to GaN.

Table 3.1 compares the maximum possible slope at the drain-source voltage
(which equals the switching node voltage of the converter). Fully integrated lateral
SI devices are able to achieve a switching slope of dVsw/dt < 50 V/ns, measured
on-chip. Data sheets of vertical SI MOSFETs typically state a maximum slope of
less than 10 V/ns, which is mainly limited by the package parasitics. Published
measurements on GaN devices demonstrated switching slopes of several hundreds
of V/ns [15]. This is an essential advantage, as the minimum possible on-time and
thus the conversion ratio of a switching converter can be smaller, or the switching
frequency can be further increased, as discussed in Sect. 2.3.6.

3.3 Converter Implementation Aspects

Fast switching transitions related to a fast power switch turn-on, which is required
to overcome the minimum on-time limitations at high Vin and fast switching, as
described in Sect. 2.3.6.2, result in a fast increase of the switching currents in the
main power path, but also in the gate driver path. Fast increasing currents generate a
large voltage drop over parasitic inductance. The critical current loops are depicted
in Fig. 3.5 for both an asynchronous and synchronous buck converter. The switching
current is provided by a large external buffer capacitance Cin, and delivered to the
switch across the PCB and bond wire inductance Lin. In the asynchronous buck
converter, shown in Fig. 3.5a, the return path of the current to Cin is across the
switching node input and its parasitic inductance Lsw. In the synchronous converter
in Fig. 3.5c, the return path is across the power ground path Llp,gnd, as the low-side
switch is fully integrated.

The gate charge currents delivered to the high-side power switch through the
high-side gate driver are buffered by Cboot. The gate charge currents delivered
to the low-side switch through the low-side gate driver are buffered by Cvdd5
(synchronous converter only). A fast gate driver turn-on causes large voltage drops
if these parasitic inductances are not negligibly small. An initial version of the PCB
used for the asynchronous converter is shown in Fig. 3.6a, which was implemented
according to the schematic in Fig. 3.5a. The IC was assembled in a conventional
CSOIC28 IC package. The ringing due to the parasitic inductance is demonstrated
exemplary for the high-side gate driver current loop by measuring the internal gate
driver supply Vboot,i − Vsw,i directly on the die, while the high-side power switch
MNHS is switching. The high-side supply rail is measured using low capacitive
Picobrobes. The measured high-side supply voltage is shown in Fig. 3.6b. Especially
at the turn-on event of the NMOS switch, a large ringing of up to ±5 V is observed
at the high-side supply rail. Negative peaks at Vboot,i − Vsw,i nearly down to zero
create a significant drop of the gate voltage of the power switch after MNHS turned
on, leading to an improper switching and higher losses. Positive peaks up to 10 V
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Fig. 3.5 PCB parasitics. (a) Un-optimized implementation of an asynchronous buck converter
with a single bond at Vsw for both switching current loop and gate current loop. (b) Improved setup
for an asynchronous buck converter, separating the gate current loop from the switching current
loop with an additional bond wire at Vsw. (c) Improved PCB implementation for a synchronous
buck converter
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Fig. 3.6 (a) Initial PCB implementation resulting in (b) a large ringing at the high-side supply;
(c) Improved PCB design with (d) significantly reduced ringing

exceeded the maximum ratings of the high-side transistors. Damages were observed
due to electrical over-stress.

The ringing is mainly caused by (1) a large distance of the buffer capacitor
Cboot of about 15 mm, also due to the bulky IC package. Increasing Cboot did not
improve the ringing. (2) As depicted in Fig. 3.5a, the PCB design uses the same chip
pin and bond wire Lsw for both, the connection of the switching node (switching
current loop), and the bottom plate connection of Cboot (gate current loop). The
voltage drop across Lsw is caused by the switching current loop while large load
currents commutate fast from the freewheeling diode to the high-side switch. The
gate current loop is also affected by this voltage drop if it shares the same chip pin.
Conventionally, ringing is controlled by reducing the switching slope using a limited
gate driver strength. However, this is not possible in fast-switching converters, as
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it would result in a limitation of the minimum PWM on-time, which impacts the
maximum conversion ratio at fast switching frequencies.

The ringing is reduced with an improved board design according to the schematic
in Fig. 3.5b, which is shown in Fig. 3.6c. In this design, the IC was directly bonded
to the PCB, which allows to eliminate IC package related parasitics. The benefit
is that all buffer capacitances can be placed very closely to the IC, and the wiring
length of, e.g., Cboot to the IC, including bond wires, is reduced to approximately
2 mm. Cin is even placed on the bottom side of the PCB directly below the Vin chip
pin and PCB bond wire pad.

A second improvement is the separation of the switching current loop from the
gate driver loop by introducing a separate bond wire Lsw,boot at the bottom plate
of Cboot. This way, the voltage drop at the parasitic inductance in the switching
current loops are decoupled from the gate current loop (see Fig. 3.5b), resulting in a
major improvement of the ringing in the measurement of Vboot,i −Vsw,i, depicted in
Fig. 3.6d. The improved PCB design including the direct bond technique reduces the
ringing to approximately ±1 V, which is a 80% reduction compared to the initial un-
optimized PCB design (Fig. 3.6a). More advanced packages, e.g., waver level chip
scale packages (WLCSP), enable a similar or even better performance.

The final implementation of the synchronous converter was improved accord-
ingly. It requires an additional bond wire Lgnd,vdd5, to also separate the low-side gate
current loop from the switching current loop, which is depicted in the schematic of
Fig. 3.5c.

3.4 Substrate Coupling

The implementation of the integrated power stage of a buck converter with an
NMOS FET as high-side power switch is shown in Fig. 3.7. As the source of an
NMOS FET is connected to the switching node Vsw, the switching node forms a
floating high-side reference ground to which the gate driver and the output of the
level shifter are referred. The high-side circuits are implemented in an isolation
well, which is doped complementary to the substrate.

The 180 nm high-voltage BiCMOS technology, used for the implemented con-
verters of this book, contains a low-doped p−-epitaxial layer (EPI) on a high-doped
p+-substrate. Thus, the high-side isolation consists of a highly n+-doped buried
layer and deep medium doped n-well side-walls. The inner side of the high-side
isolation is connected to Vsw, while the isolation structures (buried layer and deep
n-wells) are connected to the high-side supply Vboot, which is typically 5 V above
Vsw, supplied by an external buffer capacitor Cboot between Vsw and Vboot. Vboot
defines the gate-source voltage of the NMOS FET at turn on. During the turn-on and
turn-off transitions of the NMOS FET, Vsw is pulled high or low by a magnitude of
several tens of volts within a view nanoseconds.

The isolation voltage Vboot, following Vsw, charges and discharges the parasitic
capacitance Csub (Fig. 3.7) of the depletion region between the outer n-doped
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Fig. 3.7 Integrated power stage of a buck converter with NMOS high-side switch, implemented
on a p+/p−-substrate

isolation well and the p-doped EPI. A large amount of charge is injected into the
substrate within a very short time. With rise times of Vboot up to 80 V/ns,1 a parasitic
capacitance of the isolation well to the substrate of a few picofarads causes coupling
currents Isub of several hundreds of milliampere. The current spreads across the
substrate and is typically dissipated through substrate contacts and bond wires to
the system ground GND. Substrate contacts are typically formed by very shallow
moat contacts at the top of the highly resistive EPI. The high resistance along the
path of the coupling currents Rsub causes a large voltage drop of up to several
volts, strongly depending on the amount of substrate contacts and the quality of the
connection of the contacts to GND. The voltage drop shifts the substrate potential
of the wafer, and thus the reference ground of devices connected to the substrate. A
first implementation of a fast-switching converter with just regular substrate contacts
showed failures in the switching behavior caused by substrate coupling to the control
circuits in the low-side voltage domain. Voltage and current references, but even
digital signals, were observed to be disturbed.

In the following, dedicated isolation and low-resistive diverting structures suit-
able to minimize the voltage shift of the substrate potential are analyzed. The

1Observed in simulations without wiring parasitics. In measurements, maximum on-chip slopes in
the range of 40–50 V/ns were observed.
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structures are compared by TCAD simulations and measurements of implemented
test structures with respect to effectiveness, area consumption, and implementation
effort.

3.4.1 Comparison of Isolation Structures by Simulation

Several approaches to reduce substrate coupling have been published in the past.
However, most of these publications analyze AC substrate coupling at very high
frequencies, where the impedance of devices and the substrate is dominated by its
capacitance [8, 9, 16, 18]. Digital circuits have much lower switching magnitudes
and can be isolated to reduce coupling. Moreover, the noise is locally confined
to very small sub-regions [1]. In fast switching power stages, the main energy is
coupled to the substrate in the frequency range up to several 100 MHz at magnitudes
of >50 V, and a large amount of charge has to be dissipated within one particular
switching event.

To analyze different diverting structures, a 2.5D TCAD simulation with Syn-
opsis Sentaurus was performed. Figure 3.8a shows the initially simulated doping
structure, including the p+-substrate, p−-EPI, the high-side isolation well, and a
reference current sink. To speed up simulations, only half of the structure was
simulated, with a down-scaled well size of 70 µm × 70 µm. This is 50–100 times
smaller than a typical high-side isolation in switching converters. However, realistic
simulations matching the behavior of a converter implementation are expected, as
the coupling effect is determined by the ratio between the well size and the area
of the diverting structure. The sink in Fig. 3.8a is a reference current sink, which is
connected to GND, consisting of a p-guard ring with two adjacent shallow p+-moat
contacts. It represents substrate contacts or devices using p-doped layers, distributed
on the chip.

After a process simulation, a transient device simulation is performed, in which
the isolation well is stimulated with a worst case voltage step of 40 V in 500 ps,
which is the worst case condition seen in the transistor level simulation of the
converter. Figure 3.8a–f show the doping (top) along with the current distribution of
Isub (bottom) at the time point of maximum coupling for various diverting structures.

The following structures have been investigated:
Basic doping profile without any specific diverting structure (Fig. 3.8a): The

current is flowing directly down to the low-resistive p+-substrate and flows back
vertically across the EPI to the ground of the reference sink. Lateral coupling
currents in the p−-EPI are only significant up to a small distance of 50-100 µm
away from the high-side isolation well (up to 4× the thickness of EPI) [19].

Moat contacts (Fig. 3.8b): Four stripes of standard substrate contacts (p+-moat)
surrounding the high-side isolation, each a width of 17.5 µm, are added to the basic
doping structure. The moat contacts offer an additional current path for the coupling
currents back to ground, which is still high resistive, as the moat contacts do not
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Fig. 3.8 Doping structure and simulated current distribution of (a) the basic doping structure, the
structure with (b) moat contacts, (c) n-guard rings, (d) p-guard rings, (e) conducting trench and (f)
back-side metalization BSM
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reach deep into the EPI. The reference current sink still carries the major amount of
current.

n-Guard rings (Fig. 3.8c): Due to the depletion region, standard n-guard rings
(including adjacent substrate contacts) are only effective in one coupling direction,
i.e. when the substrate is pulled below ground. As they are as deep as the isolation
well, the idea of using n-guard rings is to block lateral coupling currents to adjacent
low-voltage circuits. As lateral currents are minimal, n-guard rings are not effective.

p-Guard rings (Fig. 3.8d): The p-guard ring contains a p+-buried layer under
a p+-doped deep well, which reduces the vertical resistance of the p−-EPI by
∼25%. As they do not extend down to the p+-substrate, the high-resistive p−-EPI
dominates the resistance in the current path. p-Guard rings achieve a suppression of
the coupling current by 64%.

Conducting trench (Fig. 3.8e): The trench is filled with conducting material
connecting down to the p+-substrate, while the side-walls are covered with isolated
oxide, to prevent lateral diffusion [18]. Nearly all the coupling currents are diverted
by the conducting trench close to the high-side isolation well. Due to the low
resistance, conducting trenches are much more efficient and consume less area than
p-guard rings or moat contacts. Only few technologies offer conducting trenches, as
they require additional process steps. For this reason, they have not been included
in the experiments of Sect. 3.4.2.

Back-side metalization (BSM) (Fig. 3.8f): The coupling currents flow vertically
to the substrate and are diverted directly at the back-side of the chip to the system
ground. Only lateral currents close to the well at the top-side of the EPI influence
low-side circuits, which can be further reduced by placing a minimal p-guard ring
adjacent to the isolation well. BSM is not a standard process in most technology.
As a post-processing step, BSM adds additional costs and packaging effort, and it is
sometimes not favored due to known reliability issues.

To reduce the remaining coupling, low-voltage circuits can be protected with
another isolation well. Only with very low resistive side-walls, the coupling from the
outer well to the n-wells within the isolation can be diverted effectively. However,
not all devices can be isolated, as the layers of the isolation well are used in some of
the devices itself, e.g., bipolar transistors or high-voltage devices in the level shifter.

The critical coupling into low-voltage circuits mainly depends on the distribution
of the substrate voltage shift during the switching transition. Figure 3.9 shows a
comparison of the substrate voltage distribution during the high-side transition in the
same order as in Fig. 3.8. Assuming the low-voltage circuits to be placed between
the isolation well or diverting structure and the reference sink, the circuits would
experience a substrate voltage drop of up to 3 V in the basic simulation structure
(a), and up to 1 V with n-guard rings (b) or moat contacts (c). p-Guard rings (d)
can reduce the voltage shift to less than 1 V. The conducting trench (e) shows a
significant reduction to <500 mV, which could be further improved by increasing
the width of the trench. Nearly no voltage shift in the substrate is seen for BSM (f).

Table 3.2 compares the different diverting structures with respect to reduction of
the peak coupling current Isink through the reference sink and the voltage drop across
the substrate Vsub referred to the basic doping structure (Fig. 3.8a). Layout area and
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Fig. 3.9 Simulated voltage distribution of the investigated doping structures during the rising
transition of Vsw. (a) Reference structure without additional isolation. (b) Standard substrate
contacts (Moat). (c) n-Guard rings (nGR). (d) p-Guard rings (nGR). (e) Conducting trench. (f)
Back-side metallization

Table 3.2 Comparison of diverting structures referred to unprotected substrate (TCAD results)

Improvement

Structure Isink Vsub Layout area Additional costs

p+-Moat contacts 54% 63% −− ++
p-Guard rings 64% 75% − ++
Conducting trench 92% 88% + +
Back-side metalization >99% >99% ++ −−

additional process costs are also covered in Table 3.2. Back-side metalization and
conducting trenches are most effective structures to protect low-voltage circuits. If
these technology options cannot be applied, p-guard rings are the best choice with
the drawback that the area has to be scaled up significantly to achieve a sufficient
voltage reduction. Compared to moat contacts, the area consumption of p-guard
rings is reduced by one third and even further in technologies with higher doped
and deeper p-layer.
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3.4.2 Verification of Isolation Structures by Measurements

In order to verify the diverting capability of moat contacts, p-guard rings and BSM,
two test chips were fabricated. The layout of the test chips, shown in Fig. 3.10a,
contains an isolation well with a size according to a realistic application isolation
well of 560 µm × 560 µm. The well is surrounded by two rings of moat contacts
in one test chip and by two p-guard rings in a second test chip. A back-side
metalization is realized with an aluminum coating in a post-processing step. To
avoid a difficult current measurement on chip, a p-guard ring sink (Fig. 3.10a) was
implemented. The sink is not connected to GND but is used as a low-resistive
substrate contact to measure the voltage shift, caused by coupling currents, with a
low-capacitive Picoprobe.

The measurement setup is shown in Fig. 3.10b. To obtain realistic measurement
conditions, the isolation well of the test chips is bonded directly to the switching
node of a separate buck converter chip. Parasitic inductances are reduced to a
minimum by mounting both chips as close as possible to each other. The switching
node voltage Vsw, applied to the test chips over a bond wire is depicted in Fig. 3.11a.
It shows a maximum slope of up to 40 V/ns along with a significant ringing due to
the bond wires. A ground connection with low impedance is realized by directly
bonding the diverting structures to the PCB ground, or by connecting the back-side
metalization to the ground plane using a conductive epoxy glue.

Figure 3.11b shows Vsink at 40 V/ns switching. A maximum substrate voltage
shift of 500 mV is measured with MOAT1, 300 mV with p-GR1, and <80 mV
with BSM, all connected to GND. The remaining voltage drop is caused by the
parasitic inductance along the current path to the buffer capacitance Cin at Vin
to GND, which is the source of the coupling currents. This remaining voltage
drop is minimized by placing Cin very close to the chip to minimize bond wires
and the connection path to the BSM. This confirms the coupling as predicted in

Fig. 3.10 Substrate coupling measurements. (a) Layout of the implemented test chips and (b)
photograph of the measurement setup including the buck converter bonded to the test chip
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Fig. 3.11 Experimental results: (a) Stimulus Vsw generated by the buck converter; Voltage shift at
Vsink for (b) 40 V/ns Vsw slope and for (c) varying magnitude and slope of Vsw and different guard
ring area

Sect. 3.4.1 (Table 3.2). p-GR1 brings a reduction of around 30% versus MOAT1,
without spending additional chip area.

The influence of the switching voltage magnitude and slope on Vsink, as well as of
the area of the diverting structure is shown in Fig. 3.11c. The test chip with p-guard
rings was measured at an identical slope of 40 V/ns, with 40 V and 20 V magnitude.
As the isolation well capacitance behaves highly non-linear and increases towards
lower well voltages, the major amount of charge is coupled at low Vsw. This explains
that the coupling at half the magnitude is only reduced to 75%. A significant
coupling already occurs at very low supply voltages. An additional measurement at
10 V/ns and 40 V supply shows how the disturbance reduces compared to 40 V/ns.
Decreasing the slope by a factor of four decreases the voltage peak only to ∼65%,
which is explained by the parasitic inductances of the connection of the switching
node and ground and the non-linear well capacitance. It can be concluded that
slopes of 1 V/ns are already critical. Another measurement uses both p-guard rings
p-GR1 and p-GR2, which increases the effective p-GR area by 1.76 compared to
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p-GR1 only. The measured reduction follows almost exactly the p-GR area scaling
of 1/1.76 = 57%.

As seen in Fig. 3.4a, also the drain of the an LDMOS transistor is connected
to an n-well, which isolates the transistor. In a synchronous buck converter (see
Fig. 3.1b), the drain of the low-side power switch connects to Vsw. In this case, the
n-well connected to the drain also couples current into the substrate during high-side
transitions. The coupling currents are in the same range as the coupling currents
caused by the floating high-side isolation.

It has been shown that isolation and diverting structures are suitable and even
mandatory to reduce coupling in fully integrated switched-mode power supplies at
switching frequencies >10 MHz with slopes >1 V/ns and at various supply voltage
levels, especially at 40 V and above.
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Chapter 4
Design of Fast-Switching Circuit Blocks

This chapter presents the design of the fast-switching circuit blocks. For the
output voltage regulation of fast-switching converters, a conventional voltage mode
control (VMC) is suitable, introduced in Sect. 4.1. The critical sub-circuits are
the blocks generating or propagating the switching signals, which are the PWM
generator including an error voltage comparator, level shifter, and gate driver. This
section proposes a design of these circuit blocks, which meet the requirements to
generate and propagate PWM on-time pulses shorter than 3 ns. As demonstrated in
Sect. 2.3.6, this allows an operation at switching frequencies as high as 30 MHz at
input voltages of 50 V or higher.

4.1 Output Voltage Regulation

The voltage-mode control used for the output voltage regulation of the buck
converters covered in this book is depicted in Fig. 4.1 for the example of a
synchronous buck converter. An error amplifier compares the divided output voltage
to a reference voltage Vref to generate an error signal Verr. A PWM comparator
compares Verr to a sawtooth signal, and thus creates a PWM signal. The PWM signal
is fed to a dead time control block, which generates the non-overlapping control
signal CT RLhs and CT RLls for the low-side and high-side switch MNLS and
MNHS. CT RLhs is passed through a level shifter to a gate driver on the high-side
domain to control the high-side switch. CT RLls directly connects to the low-side
gate driver, controlling the low-side switch. The duty cycle of the PWM signal
controls the output voltage. In an asynchronous converter, no dead time control and
no low-side gate driver are required (compare Fig. 3.1a). A conventional type III
compensation is applied to achieve a stable regulation loop [2].

An increase of the switching frequency along with higher conversion ratios
affects all switching blocks. Besides handling a higher switching frequency, the
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Fig. 4.1 Voltage mode control (VMC) in a synchronous buck converter

main limitation is the generation and propagation of the minimum required on-time
pulse as low as 3 ns at low PWM duty cycles. This short pulse has to be generated
by the PWM generator and propagated safely through the dead time control, level
shifter, and gate driver. The gate driver has to be strong enough to provide this small
pulse even at gates of the power switches with a large capacitive load.

A current-mode control (CMC) [2] is often the preferred as it is robust against
input voltage variations, it provides a better transient behavior in case of load steps,
and it comes along with a current limitation functionality. However, it requires a
current sensor, which generates the PWM generator ramp out of the inductor current
ramp. The settling time of the current sensor limits the minimum possible on-time
of the converter in peak control mode, which senses the inductor current at the high-
side switch. For example, to generate on-time pulses of a few nanoseconds at multi-
MHz switching, the current sensor has to settle also in this time frame, when it
gets activated as soon as the high-side switch is turned on. For high conversion
ratios, this can be overcome by switching to a valley control by sensing the inductor
current at the low-side switch. The resulting ramp controls the off-time of the PWM
signal. However, valley control limits minimum possible off-time of the converter,
and thus does not allow an operation at low conversion ratio. A widely varying
input voltage at switching frequencies in the multi-MHz range is thus limited by the
current sensor.

A voltage-mode control is chosen for the fast-switching buck converters of this
book to overcome the limitation by the current sensor, as both a wide input voltage
range and switching frequency up to 30 MHz are the target operating region. Rather
than the ramp generator, a current-mode control with an optimized current sensor
(not covered in this book) would require the same fast-switching circuit blocks to
transfer the PWM signal to the power switches.

The transient response on line or load steps in a voltage-mode control sig-
nificantly benefits from a higher switching frequency, and thus is able to cope
with transient regulation performance achieved with a current-mode control. In a
voltage-mode control, the transient response improves with increasing the crossover
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frequency fsw. To avoid an interference, fsw should be at least four times lower than
the switching frequency [2]. As a second constraint, fsw has to be higher, than the
resonant frequency of the output filter to avoid instabilities. Increasing the switching
frequency, in order to decrease the output filter, increases the output filter resonant
frequency, and thus makes a faster regulation even mandatory.

A design of each of the fast-switching circuit blocks in the voltage-mode control
loop, highlighted in Fig. 4.1, is proposed subsequently, which fulfills the require-
ment to operate the converter with PWM on-time pulses down to the range of 3 ns.

4.2 Sawtooth and PWM Generator

The PWM generation proposed for the fast-switching converters, covered in this
book, is based on a sawtooth signal. A sawtooth signal is often preferred, as the
rising and falling PWM edge can be derived from a different signal, e.g., the
oscillator clock. This avoids that glitches cause a multiple turn-high and turn-
low at the PWM signal, resulting in a multiple switching of the power switches.
Alternatively, a triangular signal could be used to be compared with the error signal,
as it is typically not preferred due to the sensitivity to signals, as both PWM edges
have to be derived from a single signal. However, some of the proposed techniques
in this section are also appropriate for a triangular implementation.

4.2.1 Requirements for Sawtooth and PWM Generator

The signals of a basic sawtooth based PWM generator are shown in Fig. 4.2. The
sawtooth ramps are started at a voltage Vref,lo which is above the minimum output
voltage of the error amplifier, while the maximum ramp voltage Vref,hi is below the
maximum output voltage of the amplifier (Fig. 4.2). Thus, the error signal from the
error amplifier Verr can fall below and rise above the signal range of the sawtooth
ramps, which allows a duty cycle range from 0% to 100%.

Fig. 4.2 PWM generation based on a conventional ramp signal
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The minimum duty cycle is limited by the falling slope of the sawtooth signal.
As shown in Fig. 4.2, the ramp of the sawtooth signal is typically reset at the rising
edge of the PWM signal. This requires a finite settling time tfall of the rising slope.
Thus, the minimum pulse width of the PWM signal has to be limited to ton > tfall,
as the input signal of the PWM comparator is not valid during tfall and the PWM
signal cannot be set low correctly.

As the challenging timing requirements are difficult to fulfill by the control
circuits, the converter can be switched to constant on-time mode [4]. The on-time is
kept constant at a feasible value, e.g., 5 ns, while the off-time is adjusted, to regulate
the output voltage. The drawback is a widely varying switching frequency from the
operating frequency down to a few MHz.

Converters suitable for input voltages as large as 50 V and above require a
high-voltage technology for the power stage. These technologies are typically
not optimized for speed and high bandwidth. Even low-voltage transistors have
moderate bandwidths in the range of 1 GHz and limit the speed of analog circuits to
the nanosecond range.

While level shifters and gate drivers can propagate on-time pulses of less than
3 ns [18], a sawtooth generator is required, which is suitable for PWM signals with
on-time pulses in the same range. Therefore, the focus of this book is on sawtooth
generation for PWM signals with on-time pulses of <2 ns.

4.2.2 Limitations of Conventional Sawtooth Generators

Conventional concepts to generate sawtooth signals are shown in Fig. 4.3 [1, 3, 16].
Figure 4.3a depicts a concept, in which a linear regulator generates the lower
sawtooth level reference Vref,lo. A switch connects a capacitor to Vref,lo. A constant
reference current Iramp is charging up the capacitance and thus generates the
sawtooth ramp. A comparator detects, when the ramp reaches the upper level
reference Vref,hi, and the ramp is reset again to Vref,lo by turning on the switch for
a short time. The falling slope, shown in Fig. 4.3a, is limited by the on-resistance
of the switch. A larger switch would introduce parasitic coupling and add a non-
linear parasitic capacitance to the main capacitor. During the falling slope, either the
maximum on- or the maximum off-time of the PWM signal is limited, depending
on the time when PWM signal is reset. A large discharge current to the output of the
linear regulator would cause a significant voltage overshoot at Vref,lo. A large buffer
on-chip capacitance would reduce the overshoot. However, on-chip capacitances are
still too small to fully eliminate the overshoot. The larger capacitances would make
the linear regulator even slower to settle back to the nominal voltage.

The coupling to the reference can be avoided with the concept shown in Fig. 4.3b.
A capacitor is charged and discharged with an identical reference current Iramp
resulting in a triangular signal, which is undesired as both the rising and falling
PWM edge are derived from the same signal, as previously described. The upper and
the lower level Vref,hi and Vref,lo of the sawtooth signal are detected by a comparator.
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Fig. 4.3 Conventional sawtooth generator concepts. (a) Using a linear regulator as lower
reference. (b) Sawtooth generation based on a triangular signal generator. (c) Multiplexing
two interleaved sawtooth signals. (d) Resulting sawtooth signal generated by two multiplexed
triangular signal generators

For both Fig. 4.3a and b, a faster falling slope is achieved by multiplexing two phase-
shifted sawtooth signals, as shown in Fig. 4.3c. Only the parasitic capacitances of the
switches in the multiplexer and the output node have to be discharged. Two identical
triangular generators are required to be multiplexed to obtain a sawtooth signal. The
resulting signals of the multiplexed triangular signals and the resulting sawtooth
signal are shown in Fig. 4.3d. At high frequencies, the ramp-up time, and thus the
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period of the multiplexed sawtooth signal, is mainly determined by the propagation
delay tpd of the comparator, which varies over process variations and temperature
by more than 30% [15]. This drawback also applies to the single stage generator of
Fig. 4.3b.

An additional disadvantage of the multiplexed sawtooth concept is that during
the fast falling slope at the output of the multiplexer (see Fig. 4.3c) the input
capacitances of the following PWM comparator and the capacitances of the
multiplexer have to be discharged. As shown in Fig. 4.3d, the falling slope during
tmux also significantly limits the minimum on-time of the PWM signal [17]. A
decrease of the resistance of the multiplexer would result in the same limited falling
slope, as the parasitic capacitances of the multiplexer would increase proportionally.

4.2.2.1 Proposed Sawtooth Based PWM Generator

The proposed configurable sawtooth based PWM generator, shown in Fig. 4.4, is
able to generate PWM pulses as small as 2 ns. The reference current Iramp and the
upper ramp reference Vref,hi are adjustable and thus allow to control the slope and
amplitude of the ramps. This enables a wide frequency range from <2 MHz up to
even >50 MHz.

Two parallel integrator stages are used as sawtooth generators to obtain inter-
leaved ramp signals Vramp1 and Vramp2 [6]. Each stage uses two comparators (PWM
and CLK) directly at the integrator output. The signals of the proposed sawtooth
generator are shown in Fig. 4.5. Both CLK comparators detect when the ramp
reaches the upper sawtooth level Vref,hi. When a CLK comparator detects a ramp
crossing Vref,hi, the ramp is reset and the ramp of the complementary stage is

Fig. 4.4 Proposed PWM generator, based on two interleaved integrator stages
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Fig. 4.5 Signals of the PWM
generator

started. This determines the switching frequency of the converter (Fig. 4.5). Each
of the PWM comparators at the integrator outputs generates the signals PWM1 and
PWM2 during the ramp phase of its stage by comparing the ramp to the voltage
Verr of the error amplifier. The final PWM signal is generated by a digital circuit.
The PWM signal is set high when any of Vramp1 or Vramp2 crosses Vref,hi, and is set
low on each of the falling edges of PWM1 and PWM2. This way, both signals
PWM1 and PWM2 are multiplexed in the digital domain.

The ramps of the sawtooth signals are generated by an integrator. The output of
an amplifier is regulated to the lower reference Vref,lo, while the switches S1 and S2
short the feedback capacitor. When S1 or S2 is turned off, the current Iramp, drawn
out of the negative input of the amplifier, is integrated, and a linear ramp is obtained.
The reset of each ramp can occur slowly during the ramp time of the complementary
integrator stage.

A standard symmetrical amplifier is used for the integrator, which is suitable
to achieve the required bandwidth. It is fast enough to settle during the ramp
time of the complementary integrator stage. The amplifier in the integrator can
be designed faster than a linear regulator used for the concept of Fig. 4.3a. As the
feedback capacitor of the integrator provides a Miller-compensation at the same
time, no additional capacitance has to be added to stabilize the integrator. The switch
across the feedback capacitor is implemented as a transmission gate. Both parallel
PMOS and NMOS switches have identical parasitic capacitances to compensate the
coupled charge during their complementary switching. While conventional concepts
have closed switches in the charging path, the switches in the proposed concept are
open during the ramp-up. Thus, the resistance and the size of the switches can be
kept small, and the influence on the ramp is negligible. The switches only have
to ensure that the sawtooth signal is discharged during the charging time of the
complementary ramp.

All four comparators are implemented as 3-stage comparators to ensure a fast
detection of a very small voltage difference at the comparator input. The first
and second stage are designed fully differential with a sufficient gain to increase
the voltage swing. In the third stage, which provides a single-ended output with
full voltage swing for the digital circuit, the charging and discharging of parasitic
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capacitances are dominant. Thus, instead of maximizing the gain, the sizes of all
transistors in the signal path are kept to a minimum. A further buffer stage is used
to drive the digital load.

Compared to the conventional concepts in Fig. 4.3, the PWM comparator has
to be used two times, but no multiplexing of the sawtooth ramps is required. As the
CLK and PWM comparators are independent of each other, the minimum on-time of
the PWM signal only depends on the propagation delay of the PWM comparator and
the digital circuit, and is not limited to the time tmux of the multiplexed falling edge
of the sawtooth signal using an analog multiplexer, as shown in Fig. 4.3d. Another
advantage of this concept is that the charging current of the capacitor is not drawn
from the reference Vref,lo, as it is the case in the concept shown in Fig. 4.3a. A
common reference can be used for all integrator stages without any interference.

The proposed PWM generator was implemented in the 180 nm high-voltage
BiCMOS technology used for the converters of this book. Measurement results
of the sawtooth generator at a frequency of 10 MHz are depicted in Fig. 4.6a.
The interleaved ramps are started at Vref,lo = 1.5 V. The ramp is charged with
Iramp = 26 µA up to the upper reference Vref,hi = 2.8 V. The reference Verr for both
PWM comparators is set in the center between Vref,lo and Vref,hi to Verr = 2.15 V.
When the ramp reaches Vref,hi, the second ramp Vramp2 is started and the PWM
signal is set to high after t1. When Vramp2 reaches Verr, the PWM comparator turns
low and sets the falling edge of the PWM signal with a delay of the comparator and
the digital circuit after t2. The minimum possible on-time of PWM would be limited
to t2 if Verr is very close to Vref,lo, and the PWM comparator switches immediately
after the ramp has started. To reduce the minimum possible on-time to a minimum,
an additional digital delay of approximately 3 ns is added to t1 to delay the rising
edge of the on-time pulse, and thus compensate for the comparator delay.

(a) (b)

Fig. 4.6 Measured sawtooth generator signals at 10 MHz and (a) 50% PWM duty cycle and (b)
minimum PWM on-time of 2 ns
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Fig. 4.7 Complementary sawtooth signals measured at (a) single stage frequency of 2 MHz
(resulting PWM frequency: 4 MHz) (b) single stage frequency of 50 MHz (resulting PWM
frequency: 100 MHz)

The resulting duty cycle of D = 50.5% matches the expected value. A minimum
on-time of the PWM signal of ton = 2 ns is achieved in a measurement shown
in Fig. 4.6b. Due to the interleaved stages, an operation frequency of 10 MHz in
each stage results in a PWM frequency of 20 MHz at the output. The slopes of
the digital nodes, i.e. the comparator outputs and the PWM signal at the digital
output, are significantly reduced in the on-chip measurement, as the probes added
a considerable capacitance. Even with Picoprobes, the probe capacitance is at least
5 times larger than the node capacitances. Thus, at minimum on-time, a rail-to-rail
switching of the PWM signal cannot be measured, but the turn-high and turn-low
events are indicated.

The frequency of the sawtooth stages can be adjusted over a wide range by either
adjusting the upper reference Vref,hi or by a variation of the externally adjustable
reference current Iramp1 = Iramp2. Figure 4.7 shows measurements at a sawtooth
frequency of 2 MHz and 50 MHz, which results in a PWM frequency of 4 MHz and
100 MHz, respectively. Thus, a converter with a switching frequency of 100 MHz
could still work with a duty cycle down to 20% using the proposed sawtooth based
PWM generator.

4.3 Level Shifters

As demonstrated in Sect. 3.1, the requirements for a level shifter controlling a PMOS
high-side switch (subsequently called PMOS level shifter) differ from requirements
for a level shifter controlling an NMOS high-side switch (subsequently called
NMOS level shifter). While the high-side gate driver supply for a PMOS switch
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is practically static, the high-side gate driver supply for an NMOS is floating. It
suffers from fast-switching transitions across the entire Vin range, as its ground is
referenced to the switching node Vsw.

This section elaborates the limitations of conventional level shifter concepts
[9–14]. It shows first a PMOS level shifter design, which is optimized for short
propagation delays , resulting in a capability to transfer the required minimum on-
time pulses as small as 3 ns suitable for high-Vin multi-MHz converter. Secondly, an
NMOS level shifter is proposed which is additionally very robust against coupling,
caused by fast-switching transitions.

4.3.1 Conventional Level Shifter Concepts

Several fast-switching NMOS and PMOS level shifters have been published [9, 12–
14], which achieve a very fast propagation delay, but a transfer of short pulses is not
supported. The signal is typically transferred by a high-voltage or cascaded switch
on the low-side, which creates a voltage drop on the high-side across a resistor, or a
current source propagates the signal current, as shown in Fig. 4.8. This voltage drop
is detected by a digital circuit or latch on the high-side [12]. As the high-side circuits
are using low-voltage transistors, the voltage drop across a resistor or current source
has to be clamped to not violate the maximum ratings. A diode (Fig. 4.8a) would
limit the voltage at the logic input (node D) to one diode drop below HSGND. As
the maximum voltage rating of the logic is not significantly higher than the supply
voltage of the high-side, the diode requires to have low series resistance to achieve
a low forward voltage drop. Hence, the diode has to be very large in area, which
results in a large parasitic capacitance. Alternatively, the current through the low-
side high-voltage switch could be limited. In both cases, the speed is too low for
small on-time pulses.

Fig. 4.8 Conventional level shifter concepts with (a) diode clamping and (b) PMOS cascode



4.3 Level Shifters 77

A second option is to use a high-voltage PMOS cascode (Fig. 4.8b), which
clamp the voltage slightly above HSGND, but the PMOS cascode MPcasc limits
also the charging current, as it cuts off at falling voltages at node S. With a
large switch current, S and D could still be discharged quickly, but the next logic
transition is only possible after D and S are fully charged back to Vin via the
resistor R. Simulations confirmed that large parasitic capacitances of the high-
voltage transistors lead to a charging time in the range of 30–100 ns in the 180 nm
high-voltage BiCMOS technology. Pulses within this time are completely filtered.
As the switching period at frequencies higher than 10 MHz is shorter than the filter
time, the conventional concepts of Fig. 4.8 are not suitable. Capacitive level shifters
are fast, but large coupling currents occur during high-side transitions over the
capacitances [9].

4.3.2 Level Shifter for PMOS High-Side Switches

A PMOS level shifter design suitable for fast-switching high-Vin converters is shown
in Fig. 4.9. The level shifter is based on a symmetrical single-stage amplifier. Its
input pair is controlled by the PWM and inverted PWM signal on the low-side, while
the single-ended output of the amplifier CT RLhs, connecting to the gate driver,
is referenced to the high-side supply. This concept has been previously proven to
achieve very short propagation delays in sub-nanosecond range in [7], which uses a

Fig. 4.9 High-speed level shifter for control of a high-side PMOS power switch
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latch at the high-side current mirror input to achieve a fast switching and thus short
propagation delays. However, a latch at the high-side current mirror inputs requires
strong low-side switches to change the latching state of the high-side input.

The pre-bias current sources are connected to the high-side current mirror inputs
of the amplifier (MP1 and MP2). Pre-bias currents in the nanoampere range maintain
the current mirrors input voltages MP1 and MP2 close to their threshold voltages.
This way, only a very small voltage swing at the current mirror inputs is required
to activate one of both current mirrors if PWM changes it’s state. Due to the small
voltage swing, a sub-nanosecond propagation delay is achieved. The proposed pre-
biasing allows to use smaller high-voltage low-side switches, as the signal currents
through the low-side switches are immediately transferred to the output, as the
current mirrors are kept always at their conduction boundary. Compared to a latched
level shifter, a static current is required to keep the level shifter output in its current
state. However, the required current is not significant, compared to a fast switching
power stage in high-Vin multi-MHz operation.

The presented PMOS level shifter is used in the asynchronous buck converter,
simulated for efficiency comparison in Sect. 5.6, as well as in the resonant stage of
the proposed parallel-resonant converter (PRC) presented in Sect. 7.2. Experimental
results of the PRC confirm a proper operation of the PMOS level shifter across a
wide input-voltage range up to 48 V at switching frequencies up to 25 MHz. The
PRC also confirms a proper transfer of on-time pulses down to 3 ns to the high-side,
as they are required for the PRC to operate across the wide input voltage range.

4.3.3 Level Shifter for NMOS High-Side Switches

As introduced in Sect. 3.1, buck converters with NMOS high-side switches require a
floating high-side supply referenced to the switching node. Charge is coupling into
the signal path during fast transitions of the switching node. Existing level shifter
concepts for PMOS switches cannot be utilized, as they are sensitive to in-coupling
and would cause false switching during fast high-side transitions. Level shifters
suitable for NMOS power switches (NMOS level shifters) have to be very robust and
require protection against coupling during switching transitions. This is in particular
challenging if the level shifter has a very short propagation delay on both switching
edges, in order to propagate on-time pulses as short as 3 ns.

4.3.3.1 Proposed High-Speed Level Shifter

A robust NMOS level shifter design is proposed in Fig. 4.10. High-voltage switches
(MN0 and MN1) are controlled by the low-side PWM signal, while MN0 and MN1
are connected each to a current source load Iup from Vin. This creates a differential
voltage �Vsig at nodes A and B, which is detected by a high-speed comparator
to provide the high-side PWM signal CT RLhs between Vboot and the high-side
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Fig. 4.10 High-speed level shifter for control of NMOS power switches at a floating high-side

ground, which is the switching node voltage Vsw. The differential voltage range at
the nodes A and B is limited by an overlapping clamping, implemented by diodes,
as shown in Fig. 4.11a. At each node A and B, a diode stack connected to Vboot
limits the voltage to a lower boundary. Another diode stack connected to Vsw limits
the voltage to an upper boundary. When the low-side switch MN0 or MN1 is turned
on at time t1 (Fig. 4.11a), the according node A or B is held at the lower boundary
by the clamps DHA or DHB, respectively. Accordingly, when the low-side switch is
turned off, the clamp DLA or DLB holds the voltage at A or B at the upper voltage
boundary, while the clamp conducts the current Iup of the current source connected
to Vboot.

The clamping voltages are designed such that none of the diode stacks is
conducting in between the upper and lower voltage boundary. A high-impedance
region is obtained, in which the differential PWM signal at A and B can change its
state very fast at time t1 (Fig. 4.11a). After the state change of the PWM signal, the
NMOS power switch is turned on or off by the gate driver at time t2. A high-side
transition follows, in which the voltage rails Vsw and Vboot experience a voltage step
up to 50 V with a slope of tens of V/ns.

The parasitic capacitances at the drain of MN0 and MN1 are charged. Even for
small parasitic capacitances, coupling currents Icoupling in the range of 2 mA are
generated, which are superimposed to the signal currents in the range of 50 µA, as
demonstrated in Fig. 3.2b. At rising high-side transitions during t2−t3, the forward
voltages across the clamps DHA and DHB cause the voltages at nodes A and
B to fall significantly below the lower boundary of the high-impedance region.
The overlapping diode clamps are designed such that the high-impedance region
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Fig. 4.11 Level shifter signal
at the high-side comparator
input: (a) Transient behavior;
(b) influence of the coupling
currents

typically has a width of a few hundred mV and occurs in the center between Vboot
and Vsw. This allows the nodes A and B to drop by nearly two volts below the
high-impedance region. With a large common mode input range of the comparator,
a very large forward voltage across the clamps can be tolerated. Thus, the clamps
can be designed small to handle the full coupling currents. This is a major advantage
compared to the conventional clamps of Fig. 4.8 with large area.

At falling high-side transitions, the coupling currents are clamped by DLA and
DLB to Vsw, accordingly, such that the nodes A and B are pulled up above the upper
boundary of the high-impedance region.

4.3.3.2 Robustness Considerations

During high-side transitions, the level shifter does not have any speed requirement,
as the PWM signal has already been transferred to the high-side switch. However,
the level shifter needs to keep the signal state to avoid a false switching of the level
shifter output and thus of the power switch. The robustness is analyzed in Fig. 4.11b
by means of the diode VI characteristics of the clamps. In the static state, before and
after the high-side transition, either the low-side switch MN0 or MN1 is turned on.
The switch current is flowing through one of the diode stacks DHA or DHB, while
the current through the other diode stack is zero, resulting in a particular differential
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voltage �Vsig between nodes A and B. �Vsig is detected by the comparator. Node
A in Fig. 4.11b corresponds to a current in the diode clamps, which is close to zero
(assuming that MN0 is turned on) resulting in a very low voltage on the VI curve,
while node B is shifted by the signal current to a higher voltage level. During the
high-side transitions (t2−t3 in Fig. 4.11a), a coupling current Icoupling is added to the
signal current. As depicted in Fig. 4.11b, both nodes A and B are shifted to higher
current levels on the diode curves by the same coupling current Icoupling due to the
symmetry (same size of MN0 and MN1). The current difference on the VI curve
between the nodes A and B remains unchanged and is equal to the signal current
�Isig. With the proposed concept, the voltage difference of �Vsig is reduced during
high-side transitions, but it remains positive, even at large coupling currents. As the
signal �Vsig does not change polarity, the state of the comparator is not affected by
coupling currents, and a high level of robustness of the level shifter is achieved.

4.3.3.3 Implementation of the Clamping Structures

A further improved implementation of the clamp circuits is proposed in Fig. 4.10
(subset). The diode stacks are replaced by an NMOS transistor connected to Vboot,
and a PMOS transistor connected to Vsw. Fixed gate bias voltages are provided by
a resistor divider (R1, R2, and R3) such that a matching clamping behavior for the
upper and lower clamping level is achieved, and the transistors MNclp and MPclp
are conducting if the voltage at node A or B is below or above the high-impedance
region, shown in Fig. 4.11a. Small buffer capacitors (C1 and C2) are required to
keep the gate voltages constant during fast signal transients, which are coupling to
the gates. Compared to real diodes, the biased transistors can conduct much higher
currents during clamping of the coupling. The implementation is comparable to a
class AB output stage. At the same time, the voltage swing at the comparator inputs
during high-side transitions can be further limited. A higher margin to the limits of
the common mode input range of the comparator is achieved, or higher coupling
currents can be allowed, which further increases the robustness of the level shifter.

Experimental results of the level shifter, implemented in a fast-switching buck
converter are shown in Sect. 4.5.

4.4 Gate Driver

The gate driver has to be able to charge and discharge the gate capacitance of the
high-side switch MNHS or low-side switch MNLS of the buck converter (Fig. 4.1)
in the time range of ≈1 ns, to achieve PWM on-time pulse down to 3 ns (see
Sect. 2.3.6.2). As fast transitions at high input voltages cause large coupling currents
into the gate through the drain-gate capacitances of the NMOS transistors, the gate
driver also has to be able to dissipate these currents, while it keeps the NMOS
transistors in its current switching state. Furthermore, the propagation delay of the
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Fig. 4.12 Gate driver circuit

gate driver has to be optimized to be within a few nanoseconds, and the power
consumption should be minimal. This is achieved by a tapered buffer, consisting of
several inverter stages in series, as shown in Fig. 4.12. The delay is optimal if the
driver strength is increased from stage to stage by a factor of α [8]. The factor
α is determined by the ratio of the capacitance at the input of the first inverter
stage Cgd,in to the gate capacitance Cg of the NMOS switch (MNLS or MNHS) with
αN · Cg/Cgd,in, where N is the number of inverter stages. As the driver strength of
the gate driver output stage is depending on the charge to be delivered to the power
switch, Cg represents the effective capacitance at the gate, rather than the physical
capacitance, as the switching node transition couples back a large amount of charge
to the gate over the gate-drain capacitance Cgd. Thus, the effective capacitance
is determined by including the Miller capacitance of Cgd in the total capacitance
of Cg. Simulations have shown that this approach resulted in a Miller plateau at
the gate, which is sufficiently below the threshold in off-state, and close to the
gate driver supply during on-state. This allows to assume that the power switch
is already fully turned-on during the Miller plateau. A compromise between die
size and propagation delay was found for N = 6 inverter stages with α = 5.24,
Cgd,in = 7 pF and Cg = 145 pF. To improve the efficiency, cross-currents have to
be avoided, in particular in the last driver stage. This is accomplished by splitting
up the driver stage into two branches [5]. This allows to control the PMOS and
NMOS transistor of the last driver stage separately. There is no area penalty, since
each branch has to drive approximately half of the capacitive load. A protection
against cross-currents in the last stage is achieved by an asymmetry factor in the
inverter stages as indicated in Fig. 4.12 [5]. By alternating the NMOS and PMOS
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transistor strengths from stage to stage from weak to strong in both branches, the
rising PWM signal is delayed in the NMOS branch, while the falling PWM signal
is delayed in the PMOS branch. This assures that the PMOS is always turned off
before the NMOS turns on, and vice versa. An asymmetry factor of 20% is used in
this design, i.e. in the inverters of each branch, the width of the strong transistors
is increased and the width of the weak transistors is decreased by 20% with respect
to the nominal value. The asymmetric design reduces the power consumption of the
gate driver by more than 23%, verified by simulation. With a total power dissipation
of 40 mW at 10 MHz, even the asymmetric gate driver contributes significantly to
the overall converter losses.

4.5 Experimental Results of Fast-Switching Circuit Blocks

The fast-switching circuit blocks were implemented as part of a configurable volt-
age converter (180 nm high-voltage BiCMOS technology). The voltage converter
contains two power stages with once a PMOS power switch controlled by the
presented PMOS level shifter (see Sect. 4.3.2) and once with an NMOS power
switch, which is controlled by the proposed NMOS level shifter (see Sect. 4.3.3).
Both include the gate driver described in Sect. 4.4, which was sized identically for
each PMOS and NMOS power stage. This allows a configuration as asynchronous
buck converter with either a PMOS high-side switch or an NMOS high-side switch.
Furthermore, the converter can be configured as quasi-resonant converter (QRC),
which is covered in Sect. 7.1, as well as a parallel-resonant converter (PRC), which
covered in Sect. 7.2 later in this book.

A micro-photograph of the fast-switching circuit blocks as part of the config-
urable voltage converter is shown in Fig. 4.13. It contains the PWM generator with
a die size of 0.11 mm2, the PMOS level shifter with a die size of 0.03 mm2, the

Fig. 4.13 Micro-photograph of a configurable voltage converter implementation, including an
NMOS and PMOS power stage, suitable for configuration each as asynchronous buck converters,
as quasi-resonant converter (see Sect. 7.1), and as parallel-resonant converter (see Sect. 7.2)
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Fig. 4.14 Experimental verification of the level shifter. Correct switching of the buck converter at
an input voltage of 50 V

Fig. 4.15 Signals of the internal nodes of the NMOS power stage

NMOS level shifter with each a die size of 0.04 mm2, and the gate drivers with a
die size of 0.08 mm2 each. The NMOS level shifter and the according gate driver
are placed in the high-side isolation well (as depicted in Sect. 3.4) to separate the
floating high-side supply from the substrate in order to control the NMOS power
switch.

Subsequently, experimental results of the implemented NMOS power stage are
shown (with the converter configured as asynchronous buck converter). In Fig. 4.14,
the input of the NMOS level shifter (PWM) and the switching node Vsw were
measured in buck operation at a high input voltage of Vin = 50 V to verify the
robustness of the level shifter. The results prove that no false switching occurs, even
at fast rising and falling slopes of the high-side of up to 20 V/ns (simulations even
confirmed a robust operation up to 80 V/ns). The current consumption of the level
shifter is in the range of 300 µA.

The results of a propagation delay measurement of the PWM signal transitions
are shown in Fig. 4.15. Low-capacitive Picoprobes are used to directly measure



4.5 Experimental Results of Fast-Switching Circuit Blocks 85

Fig. 4.16 Minimum on-time pulse of the level shifter

the signal on-chip. Due to the limited maximum voltage rating of the probes, the
switching had to be kept constant at Vsw = 14 V, and each probe was referenced
to either the high-side or the low-side supply. However, the propagation delay of
the power is independent of the power switch switching, as it occurs only after
the PWM signal propagated to the gate Vg. A maximum delay of 5 ns is measured
for both the rising and the falling PWM signal edge from the level shifter input
(PWM) to the level shifter output (CT RLhs). Due to the high symmetry of the level
shifter, the resulting on-time at the level shifter output matches the on-time of the
PWM signal provided at the level shifter input at the low-side with a high accuracy.
The optimized gate driver [17] requires about 3 ns until the gate voltage Vg of the
NMOS switch is turned on or off. The propagation delay did not vary significantly
with the input voltage Vin. The actual propagation delay is expected to be even faster
than measured, as the low-capacitive Picoprobes still add a significant load to the
minimum sized gates at the measured nodes of the level shifter.

The minimum possible on-time of the PWM signal, which can be transferred
to the high-side by the NMOS level shifter and propagated by the gate driver, is
measured in Fig. 4.16. The proposed PWM generator provides a minimum on-time
pulse of 4 ns to the NMOS level shifter input. The on-time pulse cannot be measured
accurately due to the load of the Picoprobes, which significantly flatten the measured
pulse; however, the instances, when PWM starts to rise or fall indicate the real pulse
without the load of the probe. It can be observed that the minimum on-time pulse
propagates correctly to the gate of the NMOS power switch and the gate driver
output Vg with a slightly reduced on-time of 3.4 ns (note that the probe on PWM at
the low-side was released for the measurement of the pulse at Vg to obtain a correct
pulse at the level shifter input). This measurement confirms that pulses in the range
of 3 ns can be generated at the gate of the NMOS power switch with a high accuracy
of significantly below 1 ns.

It can be observed that the slope at Vg during the gate turn-on and off is limited
to about 3 ns in measurement, while simulations (not including parasitic board and
bond inductances) showed a slope of 1 ns. The limitation of a proper shaped pulse
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is limited by the parasitic inductances of the PCB design in the gate current loop
(compare Fig. 3.5), which was not yet finally optimized according to Fig. 3.6c in
the measurements of this section. The impact of the non-optimized board becomes
also visible in the large overshoot at the switching node Vsw at the high-side
switch turn-on, shown in Fig. 4.14. A further improvement according to Fig. 3.6c,
including direct-bond to PCB, becomes essential, and was used for the further
implementations of the converters presented in Chaps. 6 and 7.

The experimental results confirm that an operation of the power stage allows
very small duty cycles to enable an operation at high input voltages up to 50 V at
switching frequencies up to 30 MHz or higher.
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Chapter 5
Efficiency and Loss Modeling of High-Vin
Multi-MHz Converters

In this chapter, an efficiency model suitable especially for multi-MHz high-Vin
converters is proposed. It allows to optimize design parameters, like on-state
resistance, gate supply voltage, switching frequency, etc., and to study and compare
various converter architectures in terms of efficiency. For the analysis of the
converter, it is essential to determine both the loss causing elements (loss causes)
and the elements, in which the losses are finally dissipated (loss locations).

Section 5.1 describes conventional efficiency models and their limitations with
respect to the purpose of this book. Section 5.2 shows the priorities of the
implementation of the proposed efficiency model. Valid approximations of the loss
contributors are studied for an asynchronous buck converter in Sect. 5.3 and a
synchronous buck converter in Sect. 5.4. While in an asynchronous buck converter,
the main switching losses are caused by the switching transitions and the parasitic
capacitances of the switch and the Schottky diode, in a synchronous converter the
additionally dominating dead time related losses are discussed.

In Sect. 5.6, an efficiency comparison is done between an asynchronous and a
synchronous buck converter to demonstrate the influence of the dead time related
losses on the overall buck converter architecture selection.

Section 5.7 introduces a design indicator, with the purpose to predict the
efficiency of a converter architecture if it would be operated at different switching
frequency, input voltage, output voltage, or output current. The design indicator
allows thus a first-order comparison of state-of-the-art converters, which are
typically shown at different operating points.
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5.1 Conventional Efficiency Modeling

Several efficiency models are published for asynchronous and synchronous buck
converters [4–12, 14–17]. An overview of the covered losses in each of the available
references is shown in [9]. Most of the published models are suitable for low
switching frequencies, high input voltages, and larger currents with external power
switches. Several efficiency models determine the transition time, and thus the
related transition losses only by covering the current through Cgd of the power
switch (miller capacitance) during the voltage transition at the drain, while the con-
tribution of the voltage transition at the gate is neglected. Moreover, the non-linear
voltage dependence of the capacitances is ignored, or roughly linearized [5]. Only
[12] includes a detailed analytical model for the voltage dependent capacitances.
References [8] and [12] show that parasitic inductances contribute significantly to
losses at high output current (>10 A) and external power switches. Loss models for
synchronous buck converters typically cover body diode conduction losses during
dead time. Reverse recovery losses are only added in [6] and [11] as a fixed reverse
recovery charge. However, if the dead time becomes as small as a few nanoseconds,
reverse recovery charge Qrr starts to depend also on the duration of the body diode
conduction, and thus on the dead time, as well as on the current through the body
diode, and thus the converter’s output current. Furthermore, none of the reference
includes the losses caused by the generation of the high-side gate driver supply,
which can be a large contributor at high input voltages and fast-switching gate
drivers.

As the state-of-the-art models are mostly published for converters with low
switching frequency and external power switches, the required accuracy of each
loss contributors needs to be re-evaluated and improved for fast-switching high-Vin
converters.

5.2 Priorities of Loss Modeling for High-Vin Fast-Switching
Converters

To predict and analyze the efficiency of the converters covered in this book, an
efficiency model was implemented, which is suitable to cover precisely the losses
in multi-MHz high-Vin converters. In the following, the main loss contributors are
analyzed and approximations for the efficiency models are discussed.

In multi-MHz converters, switching losses become dominant and the transition
time has to be significantly faster (see Sect. 2.3.5 and Fig. 2.18). The non-linearity
of the parasitic capacitances significantly influences the losses. Dead time related
losses have to be covered more accurately as they increase with both Vin and the
switching frequency. In addition, a split up of the elements which cause the losses
(e.g., capacitances) and the loss locations at which the losses are finally dissipated
(e.g., the resistance of the power switches) is desired for analysis purpose.
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The constraint of having an integrated power switch, with relatively low output
current of up to 1–2 A, leads to a shift of the focus of the loss elements to be
modeled. The efficiency study of this book results in the following priorities for
the model implementation, which are valid for both, asynchronous and synchronous
buck converters.

Switch conduction losses are calculated as typically done in conventional
models (see also Sect. 2.3.5), while the on- and off-times are determined based on
the ideal duty cycle D = ton/toff = Vout/Vin. At very high switching frequencies,
the influence of the finite switching node transitions becomes dominant, which
results in a slightly different effective duty cycle at the switching node, and a slight
error in the on- and off-time calculation is expected. As fast-switching converters
with a high conversion ratio have to be designed for very short switching transitions
to achieve a minimum required on-time pulse at the switching node (compare
Sect. 2.3.6, Fig. 2.18), the influence on the conduction loss calculation remains
small. The falling transition time becomes large, as soon as the switching node is
slowly discharged by a small inductor current IL0 at light loads. This is the case if
a low-side diode is used (asynchronous buck), or the low-side switch (synchronous
buck) remains off until the switching node is discharged to ground. The error in the
duty cycle thus is larger at smaller loads, however, the influence of the conduction
losses at small loads is again negligible and justifies to use simply the ideal duty
cycle for conduction loss calculations. At high input voltages, the conduction losses
in fast-switching converters are typically less dominant, compared to the losses
caused by parasitic capacitances, as there is a design limitation of a maximum
possible on-state resistance. The design of the on-state resistance of the switches
is discussed in more detail in Sect. 5.5.

Transition losses have a very specific behavior with the strong gate driver and the
low gate resistances of the integrated switches used in this book. The Miller plateau
becomes very short, and the non-linearity of the drain capacitance dominates the
transition behavior and the transition time. The transition of the switching node and
its impact on the losses are discussed in detail in Sect. 5.3.

Losses caused by parasitic capacitances of the switches, especially at the
drain, are very critical as they increase with the input voltage and the switching
frequency. As shown in Table 3.1 (see Sect. 3.2), the parasitic capacitances at a
given on-state resistance are up to 5–10 times higher in fully integrated switches.
A more accurate modeling of the parasitic capacitances and their non-linearity
is necessary. The high non-linearity of the capacitances, which are different for
example in triode and saturation region of the switch, have a crucial influence on
the calculated efficiency. A more detailed analysis of the parasitic capacitances is
shown in Sect. 5.3.

Inductor losses are not covered in the efficiency model as they can be calculated
independently of the power stage. The inductor losses are used from the vendors
model, while the inductors used for the converters in this book are selected based
on the inductor study of Sect. 2.3.3.



92 5 Efficiency and Loss Modeling of High-Vin Multi-MHz Converters

Losses at the equivalent series resistance of the output capacitor Resr are
neglected, as a voltage mode Type III compensation is used for the buck converters
in this book (see Sect. 4.1), which allows to use output capacitors with a small
Resr [1].

Parasitic inductances are neglected as integrated power switches are used, and
the current levels are low. For example, a voltage drop over a bond wire inductance
of <1 nH at a switched current slope of 0.5 A/ns would result in a voltage drop of
<1 V over the bond wires, assuming an optimized chip connection to the PCB (for
example direct-bond to PCB, as shown in Fig. 3.6).

Gate driver and control circuit losses are extracted and scaled with the
switching frequency. The gate driver losses do not include the losses of the last
driver stage, as they are included in the charging losses of the gate capacitance of
the power switches.

Losses of the gate supply generation are caused in the circuits which provide
the supply voltage for the gate driver at the low side, and the supply voltage for
level shifter and gate driver at the high side. The low-side gate driver is typically
supplied by a separate regulator for a low-voltage supply rail, which is anyway
available to supply low-voltage components in the system. The efficiency ηls of
this converter can be considered by multiplying the gate driver losses by a factor of
1+ηls . Sometimes, the output voltage of the buck converter itself can be used (after
start-up completed) if its output voltage fits the required gate supply voltage. For
the efficiency studies in this book, the low-voltage gate driver supply is assumed to
be generated ideally for better comparison purpose, as ηls from the system’s low-
voltage converter is unknown. The high-side supply for the level shifter and the gate
driver has to be generated separately as the supply rail has to follow the input voltage
or the switching node, for PMOS or NMOS switches, respectively. An integrated
linear regulator, which is often used to supply the gate driver of PMOS switches, as
shown in Fig. 3.3a, has to be fully considered, as the losses are significantly due to
the high voltage drop over the pass device (MPlin). In case, a charge pump (Fig. 3.3b)
or a bootstrap circuit (Fig. 3.3c) is used, the charge pump or bootstrap efficiency has
to be considered. The input voltage of the charge pump or bootstrap circuit (Vdd5)
can be again the low-voltage system supply, and is thus to be assumed as ideal in
the efficiency comparisons in this book.

5.3 Efficiency Model for an Asynchronous Buck Converter

In the following, the main aspects of the implementation of the efficiency model are
revealed, based on an implementation of an asynchronous buck converter, achieving
switching frequencies beyond 10 MHz and input voltages up to 50 V. This contains
the impact of the freewheeling diode, the non-linear parasitic capacitances, and
especially their influence on the transition losses.
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5.3.1 Diode Conduction Losses

As a low-side diode, a SS16 Schottky diode [13] was chosen for the implementation
of the asynchronous buck converter in this book to avoid reverse recovery losses.
The SS16 is a typically used diode in automotive applications, which can withstand
blocking voltages up to 60 V, and average forward currents up to 1 A. The advantage
of the asynchronous buck converter is that no low-side gate driver is required, and
thus switching losses are lower. As a drawback, higher losses Vf · IL0 occur in the
Schottky diode, which is the voltage drop caused by the inductor current over the
forward voltage Vf of the diode. Vf is typically higher, than the voltage drop Vds
in a low-side switch with a low on-state resistance. In the efficiency model, Vf
is assumed as constant value, which is extracted at a medium diode current (for
example, Vf = 0.415 V at a diode current of 250 mA). Vf slightly increases for
higher forward currents. However, using a constant Vf for all currents introduces
only a negligible error, as for higher currents a self-heating of the diode occurs,
as depicted in [13]. Higher diode temperatures reduce Vf and thus compensate an
increasing Vf due to higher currents, which justifies the use of a constant Vf as a
first-order approximation.

5.3.2 Switching Behavior

Figure 5.1 shows a simulation of the switching transition of an asynchronous
buck converter for the rising and the falling switching transition, at a converter
load current of Iout = 0.5 A. Unless conventional buck converters with moderate
switching frequencies, the buck converter in this book is designed to operate at
switching frequencies above 10 MHz and high conversion ratios up to Vin/Vout = 10
and larger. The required minimum on-time pulse of the high-side switch in the range
of 3 ns, as derived in Sect. 2.3.6 (Fig. 2.18) is only achieved with a very fast gate
transition. The prototype for this book was designed to have a gate transition in
the range of 1 ns (see gate driver design in Sect. 4.4), which can be observed at the
gate-source voltage Vgs of the high-side switch at turn-on in phase 1, as depicted in
Fig. 5.1a (top). The bottom part of Fig. 5.1a shows the drain current Id of the high-
side switch and the diode forward current Idio. Instantly after Vgs of the high-side
switch reaches the threshold voltage, the current commutates from the diode to the
high-side switch within approximately tri ≈ 100 ps. tri is thus short enough for the
related current transition losses to be neglected, and the current to be assumed to
commutate instantly. After the current transition tri, the current Id in the high-side
switch rises up to approximately 3.5 A, at which the high-side switch saturates. In
this period, Id delivers the inductor current of IL0 ≈ 0.5 A. The remaining current
(≈3 A) is flowing into the diode (Fig. 5.1a, bottom) and thus charging its parasitic
capacitance. However, even with a high current flowing into the diode, the switching
node voltage Vsw remains low during the time interval tvi.
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Fig. 5.1 Simulation of
(a) the rising transition and
(b) the falling transition of a
multi-MHz high-Vin buck
converter
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Fig. 5.2 Parasitic junction
capacitance of the SS16
Schottky diode in dependence
of the reverse voltage

The unexpected behavior of the switching node staying below zero during
the interval tvi leads to excessive losses, as the inductor current, or respectively
the output current, suffers from a voltage drop over the switch of the full input
voltage Vin.

This effect of Vsw staying low during tvi can be explained with the non-linearity
of the parasitic capacitance of the Schottky diode. The capacitance of the Schottky
diode SS16 is plotted versus the reverse blocking voltage Vdio (which is Vsw in the
buck converter) in Fig. 5.2.

The capacitance of the Schottky diode is formed by the depletion region, which
strongly depends on Vdio and thus Vsw. Cdio is low in a range of 20–70 pF if Vsw is
high. However, Cdio significantly increases by nearly three decades to the nanofarad
range if Vsw decreases towards the forward bias voltage −Vf of the diode.

As a consequence for the rising transition, a large amount of charge is required
to bring the switching node from the forward conduction voltage −Vf towards
positive voltages during the rising transition (Fig. 5.1a), and Vsw appears to stay
low during tvi.

The time tvi results from the finally available charging current of Cdio, and thus
on the saturation current of the high-side switch, as well as on the inductor current
(which can be assumed to be the load current for low or moderate inductor current
ripples).

Simulations showed that the time tvi (Fig. 5.1a) mainly depends on the inductor
current IL0. Higher load current leads to a proportionally higher inductor current IL0,
which is subtracted from the current delivered from the high-side switch during tvi.
Thus, the remaining current charging Cdio decreases. The diode is charged slower
and tvi increases.

Only after tvi, Vsw starts to rise towards Vin during trv in a manner, which can
be approximated linearly in the efficiency model. trv is directly proportional to the
input voltage (final voltage of Cdio), which mainly determines trv. The influence
of the varying load/inductor current is small, as the variation of the load current
is only in the range of 10–20% of the available saturation current from the high-
side switch, charging the switching node capacitances. As the losses become less
dominant if Vsw rises towards Vin, the influence of Iout on trv can be neglected in the
model.
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This analysis leads to a proposal to linearize the overall rising transition time in
the efficiency model as

tr = tvi0,a + tvi0,b · Iout

Iout,tr0︸ ︷︷ ︸
tvi

+ 1

2
· trv0 · Vin

Vin,tr0︸ ︷︷ ︸
trv

(5.1)

The parameters tvi0,a, tvi0,b, Iout,tr0, trv0, and Vin,tr0 are fitted to the results of a
parametric simulation of the transition time, varying Iout and Vin.

With the linearized transition time tr, the rising transition losses Ptr are calculated
in a conventional way to

Ptr = fsw · Vin · Iout · tr. (5.2)

The falling transition of the asynchronous buck converter is shown in Fig. 5.1b.
The gate transition of Vgs occurs again within 1 ns, and the switch is assumed to
close instantly. In the following period (trv), in which Vsw is discharge towards
ground, the inductor current is supplied by the parasitic capacitances at the drain
of the high-side switch (Id) and the Schottky diode (Idio). The discharge time thus
depends on the input voltage and the inductor current and thus the load current.
For the asynchronous converter, no losses occur in the output stage during tfv, as
the charge of the parasitic capacitances at the switching node is discharge ideally
lossless by the inductor, which delivers the parasitic charge to the output as load
current.

5.3.3 Implementation as Four-Phase Model

As observable in Fig. 5.1a, the voltage transition at the gate is completed until Vsw
noticeable starts to change in both the rising and falling transitions. This justifies
to calculate the capacitive losses separately for the gate and the Vsw transitions.
This results in four phases, two for each the rising and the falling transition.
Each transition causes one or several capacitances to be charged or discharged.
Each phase allows to analyze the involved parasitic capacitances to be charged
or discharged. The amount of charge, circulating in the power stage during the
according transition is determined by the size of the capacitances charged by the
amplitude of the transition. The current paths in the power stage and the involved
capacitors are depicted in Fig. 5.3, separately for each phase, and allow to depict the
involved capacitors in each phase:

In phase 1, the high-side switch turns on, while Vsw is constant at Vsw ≈ 0 (Vds ≈
Vin). The gate of the switch is charged, and thus Cgd (gate-to-drain capacitance) is
discharged by the gate driver from Vsw − Vd (≈0 − Vin) to Vboot − Vd (≈5 V − Vin),
while Cgs (gate-to-source capacitance) is charged from Vsw (≈0) to the gate driver
supply Vboot (≈5 V).
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Fig. 5.3 Charging and
discharging current paths of
the asynchronous buck
converter with NMOS
high-side switch in its four
switching phases (phase 1–4,
(a)–(d))

(a)

(b)

(c)

(d)
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In phase 2, the gate of the switch is tight to Vboot, and the voltage of the switching
node Vsw transitions from GND to Vin; Vds is discharged from Vin + Vf to the
forward voltage drop Ron · IL0. Cgd, Cds (drain-to-source capacitance), and Cdb
(drain-to-bulk capacitance) are discharged by the high-side switch, and Cdio is
charged from −Vf to Vin.

In phase 3, the gate of the high-side switch is discharged, while Vsw is constant
close to Vin (Vds = Ron · IL0). Cgd and Cgs are discharged from Vboot to Vsw.

In phase 4, the gate of the high-side switch is low, while Vsw is discharged by the
inductor current to −Vf; Vds transitions from Ron · IL0 to Vin + Vf.

By charging or discharging the capacitances, losses occur. However, the losses
are not dissipated in the capacitances, but in the resistive elements in the charging
or discharging current path (for example, gate driver or power switch). Anyway,
the amount of losses are determined by the capacitances, which are generating the
charge in the current paths.

In phase 1, for example, the amount of charge flowing to Cgs can then be
calculated as Qgs,1 = Cgs · (Vboot − Vsw), while Vboot − Vsw is the gate driver
supply. The same is done for Cgd, resulting in Qgd,1 = Cgd · (Vboot − Vsw). The
losses resulting from charging the gate with Qgs,1 + Qgd,1 are dissipated in the
resistance of the pull-up transistor of the gate driver output. In phase 2, as a second
example, most of the losses are dissipated in the high-side switch while discharging
Cds and charging Cdio. However, Cgd is discharged through the high-side transistor
of the gate driver output, as Vboot follows the rising Vsw-transition. Gate driver losses
occur even without a transition of Vgs. In phase 4, the discharge of the capacitances
is caused by the inductor current, and thus ideally no losses occur as the energy
is transferred from the capacitances to the inductor, and finally to the output with
ideally no losses.

5.3.4 Root Cause and Loss Location Analysis

The implementation of the phases with the analysis of the current paths in the
efficiency model allows both, to reference the capacitive losses to the capacitances
to distinguish the root cause of the losses, and alternatively to the resistive elements
where losses are dissipated, namely the loss locations. The dissipated losses in the
resistive elements are caused by the charge in the charging current paths, generating
a voltage drop over the resistive elements. Figure 5.4 shows a loss break down for
the buck converter, generated with the implemented loss model. In Fig. 5.4a, the
losses are split up by the root causes, while in (Fig. 5.4b), the losses are assigned to
its locations, both with varying input voltages up to 50 V at a switching frequency
of 10 MHz. This allows a detailed analysis, for example, to determine the accurate
heat dissipation in the power switch, and to observe that the power dissipated in the
switch is mainly caused by the capacitance of the Schottky diode in this design.
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(a) (b)

Fig. 5.4 Loss analysis by separation of (a) loss causes and (b) loss locations for an asynchronous
buck converter with NMOS high-side switch at fsw = 10 MHz, Iout = 0.5 A and Vout = 5 V

5.3.5 Contribution and Modeling of Non-linear Capacitances

For capacitors with constant capacitance, it is well known that during charging from
zero to a capacitor voltage Vc, a charge Qc = Cc · Vc is flowing to the capacitor.
Assuming Qc is delivered by the voltage source Vsrc, the energy Wsrc delivered by
Vsrc during charging is

Wsrc = Qc · Vsrc = Cc · Vc · Vsrc. (5.3)

The energy stored on a capacitor (Wc) can be determined with the help of the
charge–voltage (QV ) diagram, which is plotted in Fig. 5.5. For a constant Cc, the
charge on the capacitor Qc increases proportional (linear) with the capacitor voltage
Vc. Charging a capacitor means that some charge �Qc is added to the existing
charge Qc at the actual capacitor voltage Vc(Qc). Vc depends on the actual amount
of charge Qc on Cc. The energy �Wc, which is added to Cc can be thus calculated
by �Wc = �Qc · Vc(Qc). Thus, the total energy Wc on Cc is obtained by summing
all infinitesimal small charge steps dQc which were added to Cc at their according
capacitor voltage up to the final total charge Q1 on Cc, which results in the integral

Wc =
∫ Q1

0
Vc(Qc)dQc. (5.4)
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(a) (b)

Fig. 5.5 Charge–voltage (QV ) diagrams of (a) a constant capacitor, and (b) the Schottky diode
SS16

Writing Vc(Qc) in relation of Cc and Qc, and solving the integral, results in the
well-known equation for the energy on constant (voltage independent) capacitors

Wc =
∫ Q1

0

Qc

Cc
dQc = 0.5 · Q1

2

Cc
= 0.5 · Cc · Vc

2. (5.5)

In case Cc is fully charged up to Vsrc (Vc = Vsrc), the energy from the supply
(5.3) is Wsrc = Cc · Vsrc

2. Equation (5.5) shows that for a fully charged capacitor
(Vc = Vsrc), half of the energy is stored on the capacitor. As a result, the other half is
dissipated as loss during charging. In general, the charging losses of a capacitor can
thus be calculated as

Wloss,chrg = Wsrc − Wc. (5.6)

The stored energy Wc is dissipated as losses, when Cc is discharged again to zero.
In the QV diagram in Fig. 5.5a, the stored energy calculated in (5.5) results in the
area above the QV curve, while the charging losses calculated in (5.6) result in the
area below the QV curve.

Figure 5.5a shows the loss and stored energy for two cases if the capacitor is
charged from Vsrc = 50 V to VQ1 = 0.5 · Vsrc corresponding to stored charge
Q1, and if the capacitor is fully charged to Vsrc, resulting in a stored charge Q2.
During charging up to VQ1, charging losses Wloss,chrg1 are much higher than the
stored energy Wc1, as the charge is delivered from a considerably larger voltage Vsrc
(compare (5.3)). In contrast, when charging from VQ1 to Vsrc, the charging losses
Wloss,chrg2 are minor due to the decreasing voltage drop of the delivered charge,
and the stored energy is significantly higher. This demonstrates that the majority
of charging losses occur already until a capacitor is charged up to only half of
it’s voltage, and the majority of energy, which is finally stored on the capacitor,
is transferred to the capacitor only at higher capacitor voltages.
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As shown in Fig. 5.2, a real diode blocking capacitance, as well the parasitic
capacitances of a switch, are depending on its current voltage and thus are highly
non-linear. Figure 5.5b shows the QV diagram (extracted from the diode model)
of the SS16 diode. The non-linearity of Cdio of the Schottky diode requires a large
amount of charge (approximately 1nC) until the voltage starts to noticeably increase
from −Vf towards positive voltages. At higher Vdio, a lower capacitance requires
only a small increase in the charge to increase Vdio. This means, in the energy
calculation, the constant capacitance Cc in (5.5) becomes a voltage dependent
capacitance Cdio(Vdio), and the QV curve changes to a non-linear curve as depicted
in Fig. 5.5b. The strong increase of charge at low Vdio unbalances the charging losses
Wloss,chrg and the stored energy Wc. The charging loss area increases, and the stored
energy decreases. When the diode is charged from −Vf to only 5 V (Qdio1,Vdio1),
the charging losses Wloss,chrg1 are twice as large as the charging losses Wloss,chrg2,
which occur during the remaining charging from Vdio1 up to Vsrc = 50 V (Qdio2).
In contrast, the stored energy on the diode capacitance at Vdio1 = 5 V is negligible;
the main energy stored on Cdio is only accumulated at higher voltages of Vdio.

This analysis has a crucial meaning if soft-switching techniques are applied
as describe in Sect. 2.2.2.4. Even a poor soft-switching condition, in which the
switching node Vsw is pulled up by an ideal current source Ipu (as described in
Sect. 2.2.2.4) only by a few volts before the high-side switch turns on, the major
charging losses are already eliminated, and an ideal zero-voltage switching is not
necessarily required.

A linear (constant) equivalent capacitor of the diode is typically obtained by
using the final charge and the final voltage (Qdio2 and Vsrc in Fig. 5.5b), and
calculating a fixed, voltage independent capacitor from this values. The QV diagram
of the calculated equivalent capacitor would be identical to the behavior of the
constant capacitor in Fig. 5.5a. By comparing the charging loss area of the equivalent
capacitor of Fig. 5.5a to the real behavior in Fig. 5.5b, it becomes obvious that a large
loss calculation error is induced.

Due to the high impact on the efficiency and loss accuracy, also the non-linearity
of the capacitances of the power switch has to be considered. Figure 5.6 shows
the non-linearity of the parasitic capacitances of the power switch in the particular
switching phases 1–4 (Fig. 5.3a–d). The parasitic capacitances change, whether the
switch is in off- or in on-state, and thus the capacitances in phase 1 and 2 are
different to the capacitances in phase 3 and 4.

The gate capacitances in phase 1 shown in Fig. 5.6a (switch turns on and gate
is charged, while Vds ≈ Vin) show a quite constant behavior across the gate driver
supply range (typical 0–5 V), while in phase 3 (switch turns off, the gate discharges,
while Vds = IL0 · Ron ≈ 0 V), the capacitance vary by a factor of two. The gate
capacitances are rather constant, compared to the depletion capacitances of the diode
and at the drain. Moreover, due to the small charging amplitude, compared to Vin at
the drain, the loss contribution of the gate charge is not significant, as it is confirmed
by the loss break down of Fig. 5.4. Thus, Cgs and Cgd have been chosen to be each
modeled as a constant capacitance, which is the averaged capacitance in each phase.
The averaging is done separately for phase 1 and 3, as the capacitance values change.
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Fig. 5.6 Non-linear behavior of parasitic NMOS capacitances in its four switching phases (phase
1–4, (a) Phase 1: Transition of Vgs from 0 to 5 V, Vds = 0 V. (b) Phase 2: Transition of Vds from Vin
to 0 V, Vgs = 5 V. (c) Phase 3: Transition of Vgs from 5 to 0 V, Vds = Vin. (d) Phase 4: Transition
of Vds from 0 V to Vin, Vgs = 5 V)

The average of Cgd and Cgd is related to the total charge flowing from the gate driver
supply (Vboot) to the gate, and back to the gate driver ground, which is Vsw. As the
losses at the gate transition are finally defined by the total charge flowing from Vboot
to Vsw, the averaging does not induce a calculation error of the total gate charge
losses within one period. However, a separation of the modeled losses, which occur
during charging and discharging the gate, respectively, might be inaccurate due to
the non-linearity of Cgd and Cgs, as they slightly unbalance the charging losses
and stored energy (discharging losses) caused by the gate capacitances, like in the
Schottky diode as discussed in Fig. 5.5b.

Figure 5.6b shows the transition of Vsw in phase 2 (Vgs is constant at 5 V). During
the Vds transition from Vin down close to Vds = 5 V, the switch is in saturation
region; it can be observed that Cgd and Cds are only slightly dependent on the
voltage (comparing to the strong dependence of the Schottky diode in Fig. 5.2).
Below Vds = 5 V, the switch enters the linear region, which implies a strong change
in the switch capacitances. The relatively constant capacitances allow to model Cgd
and Cds as averaged constant capacitors in the saturation region. Also in the linear
region, constant capacitors averaged from 0–5 V are used in the model. In linear



5.3 Efficiency Model for an Asynchronous Buck Converter 103

region, the capacitances are quite non-linear, a loss calculation error is expected.
However, this error is negligible, as the discharge happens at a very low voltage Vds,
and thus the loss contribution of the linear region to the overall losses is small.

The behavior of the capacitances in phase 4 is depicted in Fig. 5.6d, while the
switch is turned off (Vgs = 0 V). A stronger voltage dependence, especially of Cds,
can be observed at the drain capacitance, which are more closely to the behavior of
the Schottky diode. This would require also a more accurate modeling by integrating
the charge as shown in (5.5). However, in an asynchronous converter, the switching
node is discharged (and thus Vds is charged) by the inductor current. No charging
losses occur, as the energy during charging (compare to Fig. 5.5b) is not dissipated
in a resistive element, but is transferred into the inductor energy, where it is finally
used as output current.

The accuracy of the efficiency model for an implemented 10 MHz-switching
asynchronous buck converter is shown in Fig. 5.7. Figure 5.7a shows the result of
the efficiency model, in which Cdio is accurately modeled by integrating the energy
along the QV curve. In Fig. 5.7b, a simplified model uses only a constant capacitor
for Cdio, which is calculated as Cdio = Qdio(Vin)/Vin. A comparison to the results
to the efficiency measurements of Fig. 5.7c confirms that modeling the non-linear
capacitances as voltage independent constant capacitors only, results in a large error
in the efficiency calculation, while the non-linear model matches the measured
results very well. The efficiency model with the proposed priorities for modeling
the losses of high-Vin multi-MHz converters matches the measured efficiency of the
buck converter with a below 3% accuracy over a wide input voltage range up to
Vin = 50 V.

Fig. 5.7 Efficiency comparison of the proposed efficiency model for an asynchronous buck
converter with fsw = 10 MHz, Vout = 5 V and Iout = 300 mA, comparing (a) the model with
accurate Cdio obtained by energy integration, (b) the model with constant Cdio leading to large
efficiency error, and (c) efficiency measurements of the implemented buck converter
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5.4 Loss Contributions in a Synchronous Buck Converter

As introduced in Sects. 2.3.5 and 3.1, the main differences of the synchronous
compared to the asynchronous buck converter is the use of a low-side switch, instead
of a freewheeling diode. The diode loss model has to be replaced by the loss model
of the low-side switch, and an additional low-side gate driver is contributing to the
losses. Moreover, the required dead time between the high-side and low-side switch
conduction adds significant losses, which are subsequently described.

5.4.1 Contribution of the Low-Side Switch

The benefit of using a low-side switch is that it can be designed to have lower
conduction losses, as the on-state resistance of the switch can be designed to have an
arbitrary small voltage drop, while the minimum voltage drop of a diode is always
limited to its forward conduction voltage Vf. As a drawback, the gate driver for
the low-side switch adds additional losses, while a lower on-state resistance with
a larger switch results in higher gate driver losses. A trade-off has to be found
between gate driver losses and on-state losses. To optimize conduction losses, the
ratio of the on-state resistance of the high-side switch to the low-side switch can
be sized according to the duty cycle of the buck converter, in case the conversion
ratio of the converter is nearly constant. This is, because the conduction time of
each switch is proportional to its losses, assuming the inductor current do not vary
significant during the high-side and low-side on-state. However, the prototype of the
buck converter proposed in this book shall be suitable to cover especially a widely
varying input voltage. Thus, the size of the high-side and low-side switch, as well
as their gate drivers, are implemented with the same size.

The parasitic capacitances of the switch in phase 1–3 (see Fig. 5.6) are modeled
identically as for the high-side switch. The drain capacitances in phase 4 shown
in Fig. 5.6d become dominant in loss contribution, as Cds and Cgd of the low-side
switch in off-state are charged from −Vf (or Ron · IL0, depending on the dead time
as described in the subsequent section) to close to Vin when the high-side switch
turns on. An accurate modeling of both capacitances with integrating the voltage
dependent QV curve is required, as previously proposed for the Schottky diode in
(5.5) and Fig. 5.5b.

When the high-side switch turns off, it strongly depends on the dead time,
whether the switching node is discharged by the low-side switch or by the inductor
current (lossless discharge). In case the low-side switch is turned on while the
switching node is still high, it discharges the switching node to zero, while Cds
and Cgd of the high-side switch in off-state are charged (phase 4, Fig. 5.6d). Also
in this case, the losses caused by Cds and Cgd of the high-side switch require to be
modeled accurately by charge integration.
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5.4.2 Influence of Dead Time on Switching Behavior

The principle of the dead time and the impact on the switching behavior in a
synchronous buck converter is depicted in Fig. 5.8 [18, 19]. Two dead times have
to be considered, the dead time DThi between the low-side switch turn-off and the
high-side switch turn-on (turn-high or rising transition of Vsw), as well as the dead
time DTlo between the high-side switch turn-off and low-side switch turn-on (turn-
low or falling transition of Vsw).

To model the influence on the switching losses, two different cases have to be
distinguished. Figure 5.8a shows the behavior of the switching node for a typical
case, in which the load current is high enough that the inductor current, especially at
its minimum current peak, remains positive. In Fig. 5.8b, the load current is assumed
to be low enough, such that the inductor current becomes negative towards the end
of the converter off-time, while the low-side switch is on. This is considered as
light-load case in the following.

The fundamental difference of this two cases occurs after the low-side switch is
turned off, i.e., during the dead time DThi. A positive inductor current, flowing out
of the power stage pulls the switching node further down into body diode conduction
of the low-side switch, while at light load, the negative current flows into the power
stage, and pulls the switching node high towards Vin.

Fig. 5.8 Behavior of the switching node during dead time at (a) high output current, and (b) at
low output current (light load)
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At the falling transition of Vsw during DTlo, the behavior of the switching node
is identical, as in both cases (Fig. 5.8a, b) the inductor current is positive at the
high-side switch turn-off.

5.4.3 Dead Time Related Losses

In the typical case, as shown in Fig. 5.8a, the dead time DThi starts at tls,off (see
enlargements in Fig. 5.8a), when the low-side switch turns off and the inductor
current starts to pull Vsw further negative. The body diode of the low-side switch
starts conducting, and Vsw is held at the negative forward voltage of the diode −Vf.
At the end of DThi at ths,on, Vsw is pulled up towards Vin by the high-side switch.

The second dead time DTlo has a similar scheme. At the beginning of DTlo, at
ths,off, when the high-side switch is turned off, Vsw is pulled down by the inductor
current towards −Vf until the diode conducts. At tls,on, at the end of DTlo, the low-
side switch is turned on.

5.4.3.1 Switching Loss Analysis

Figure 5.9 shows the switching behavior for three cases, both dead times can be
either too large (Fig. 5.9a), at optimum (Fig. 5.9b), or too short (Fig. 5.9c). Is the
dead time too large, the body diode of the low-side switch is forward biased due
to the forced inductor current IL0 of L0, and Vsw is pulled low to a negative diode
forward voltage −Vf.

At the end of DThi, when the high-side switch turns on, the body diode of the
low-side switch commutates from forward biased state to blocking state. A large

Fig. 5.9 Switching states of the dead time controller. (a) Dead time too large. (b) Optimal dead
time. (c) Dead time too small
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amount of reverse recovery charge Qrr flows into the depletion region of the body
diode to block the diode [2]. As Qrr is delivered by the high-side switch from Vin,
large losses occur. The optimal switching point (Fig. 5.9b) is achieved if the high-
side or low-side switch, respectively, turns on a very short instant before the body
diode of the low-side switch starts conducting. This eliminates forward conduction
and, subsequently, reverse recovery losses. If the dead times are too small or even
negative (Fig. 5.9c), cross conduction occurs, as both switches are turned on at the
same time. This leads to excessive power loss and needs to be avoided in any case.

DTlo should be large enough to avoid that the low-side switch turns on during
the falling slope of Vsw. The losses are minimal if the low-side switch is turned on
with zero-voltage across it, which is referred to as zero-voltage switching (ZVS), as
introduced in Sect. 2.2.2.4. This can be achieved if the parasitic capacitances at the
switching node Csw are fully discharged by the inductor current while the low-side
switch is still turned off. Thus, the charge of the parasitic capacitances contributes
to the output current, and is not dissipated to ground by the low-side switch.

To determine the loss impact if DThi and DTlo are not chosen to be at the
optimum, and to determine the required accuracy of the dead time to avoid dead
time related losses, the losses depending on DThi and DTlo are analyzed separately
in the following [16].

5.4.3.2 Losses Related to Turn-High Dead Time

At the turn on event during DThi, hard-switching with a large drain-source voltage at
the high-side switch cannot be avoided in CCM [3, 20], but the reverse recovery and
forward conducting diode losses can be significantly reduced, or even eliminated,
with an optimal dead time. DThi should be large enough to avoid cross conduction
in any case.

Figure 5.10a shows the dead time dependent losses versus varying dead time
DThi, containing diode conduction losses and reverse recovery losses for input
voltages of 12 and 18 V, at 5 V output and 10 MHz switching. After the low-side
switch turns off at tls,off (see Fig. 5.8a), the diode is not conducting immediately, as
the switching node first needs to be further discharged to −Vf. This time is extracted
from a transistor level simulation of the power stage, which is DThi − tdio1 ≈ 500 ps
in the operating point of Fig. 5.10a. During this time, no additional dead time related
losses occur.

Towards larger dead times DThi, the losses increase due to larger diode conduc-
tion time tdio1 (see Fig. 5.8a). The losses shown in Fig. 5.10a are calculated by

PDThi = tdio1 · fsw · ( ILmin · Vf|@ILmin︸ ︷︷ ︸
Diode Conduction Losses

− ILmin
2 · Ron,ls︸ ︷︷ ︸

LS-On-State Losses

)

+ Qrr(tdio1, ILmin) · Vin · fsw︸ ︷︷ ︸
Reverse Recovery Losses

. (5.7)
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(a) (b)

Fig. 5.10 Dead time dependent losses at different output currents Iout (50 and 500 mA) versus (a)
turn-on dead time DThi and (b) turn-off dead time DTlo

PDThi covers the additional losses caused by the dead time. For optimized dead
time, losses due to the on-state resistance Ron,ls in the conducting low-side switch
would occur instead of the losses in the conducting diode. As (5.7) considers dead
time dependent losses only, the on-state losses have to be subtracted from PDThi.
Qrr depends on the diode conduction time tdio1 and the current through the diode,
which is ILmin in this case. The reverse recovery charge of the body diode Qrr was
extracted from a transistor level simulation with technology models for the reverse
recovery effect.

The losses for varying dead times DThi are calculated for two different currents
Iout = 50 mA and Iout = 500 mA. The results of the simulation for Iout = 500 mA
show that an increase of the dead time of about 1 ns increases the losses by nearly
≥0.1 W. At a converter output voltage of Vout = 5 V, this corresponds to an
efficiency decrease of 4%. Equation (5.7) shows that the reverse recovery losses
scale up linearly with the input voltage Vin, and thus become dominant in high-Vin
converters.

As a conclusion from Fig. 5.10a and (5.7), the dead time should be adjustable
with a minimum dead time value of less than 500 ps to be in the target window.
This is especially important for higher input voltages, as Vin scale up the dead time
related losses.

5.4.3.3 Losses Related to Turn-Low Dead Time

The losses during the dead time DTlo of the turn-off event are plotted in dependency
of DTlo in Fig. 5.10b. The ideal dead time is achieved if the low-side switch turns on
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with ZVS, and if no body diode conduction occurs, after the parasitic capacitances
Csw at the switching node are completely discharged by the inductor current IL0. If
DTlo is too short, losses occur as the switching node Vsw is still positive at tls,on (see
Fig. 5.9c), when the low-side turns on. The discharge of the parasitic capacitance
Csw at the switching node by the inductor current IL0, which can be approximated
by ILmax during DTlo, determines the voltage at Vsw at tls,on as

Vsw(tls,on) = Vin − 1

Csw
· ILmax · DTlo. (5.8)

Equation (5.8) is valid for short dead times, when the low-side switch turns on,
before diode conduction occurs. During diode conduction, the switching node
voltage is Vsw = −Vf. At turn-on of the low-side switch, Vsw is pulled to −Von
(see Fig. 5.8a), which is the drain-source voltage of the conducting low-side switch
after turn on. For minimum losses, the low side switch is turned on exactly, when
Vsw = Von. Von is very small in practical designs and hence can be neglected for
simplification. Therefore, switching at zero voltage is assumed to be optimal (ZVS).

In case DTlo is too long, body diode conduction losses occur (see Fig. 5.9c). The
total losses PDTlo shown in Fig. 5.10b are calculated by

PDTlo = 1

2
· Csw · Vsw

2(tls,on) · fsw︸ ︷︷ ︸
Non-ZVS Losses

+ ILmax · tdio2 · Vf · fsw︸ ︷︷ ︸
Diode Conduction Losses

− ILmax
2 · Ron,ls · tdio2 · fsw︸ ︷︷ ︸
LS-On-State Losses

. (5.9)

The on-state losses of the low-side switch are again subtracted, as for optimal
dead time the low-side switch conducts instead of the body diode.

The results in Fig. 5.10b consider ILmax = 50 mA and ILmax = 500 mA, as well
as two different input voltages Vin = 12 V and Vin = 18 V. A larger input voltage
has a negligible effect on the diode conduction losses, but significantly increases the
non-ZVS losses. For lower peak inductor current (lower ILmax), the optimal dead
time point is shifted to a longer dead time, as the falling slope of Vsw decreases.

As a result, it is required to adjust the dead time over a wide range to eliminate
dead time related losses if the operating point (Vin and Iout) of the converter changes.

With the goal to completely eliminate dead time related losses, it is required to
control both dead times with a very high timing resolution of �500 ps to regulate the
dead time into the target window of Fig. 5.10a, and into the loss minimum between
non-ZVS and diode conduction as depicted in Fig. 5.10b. The required dead time
range can be derived from the results of Fig. 5.10b. The dead time control requires
a range from <2 ns to approximately 30 ns to cover converter output currents from
50 to 500 mA.
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5.4.4 Dead Time Related Losses at Light Load

The switching behavior at light load is shown in Fig. 5.11. The behavior during DTlo
at the falling transition of Vsw is identical to the typical case (Fig. 5.8a). The rising
transition of Vsw occurs immediately after the low-side gate Vgs,ls is turned off at
the beginning of DThi, as the inductor current IL0 is negative (see Fig. 5.8b).

If DThi is chosen to long, as shown in Fig. 5.11a, the negative inductor current
pulls up the switching node towards Vin. If the current is negative enough, Vsw
even exceeds Vin, and the body diode of the high-side switch starts conducting.
Identically to the full load case at the low-side switch, the conducting diode
exhibits higher losses, than a switch in on-state. Additional body diode conduction
losses occur. At the end of DThi, when the high-side switch turns on, the current
commutates from the body diode to the high-side switch. Thus, the optimal turn-on
time of the high-side switch is, when the rising Vsw exactly reaches Vin, a very short
instant before the body diode of the high-side switch starts conducting, which is
shown in Fig. 5.11b. In this case, the losses are minimal as the low-side and high-
side switch are turned on with ZVS. If the dead time is chosen too short, as it is
depicted in Fig. 5.11c, the high-side switch already turns on, when Vsw is below Vin.
Vsw, and its parasitic capacitance Csw, is not fully charged up lossless by the negative
inductor current, but partially by the resistive on-resistance of the conducting switch.
The high-side switch is not turned on with ZVS, and additional losses during each
DThi occur. Nevertheless, a soft-switching condition as described in Sect. 2.2.2.4 is
achieved and switching losses are significantly reduced, even with non-ideal ZVS.
Similar to the loss calculation for DTlo in (5.9), the dead time related losses for DThi
in light load can be approximated as

Fig. 5.11 Switching states at the switching node of the dead time controller in light-load condition
(Fig. 5.8b). (a) Dead time too large. (b) Optimal dead time. (c) Dead time too small
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PDThi = 1

2
· Csw · (Vin − Vsw(ths,on))

2 · fsw︸ ︷︷ ︸
Non-ZVS Losses

+ IL0(ths,on) · tdio,hs · Vf · fsw︸ ︷︷ ︸
Diode Conduction Losses

− IL0(ths,on)
2 · Ron,hs · tdio,hs · fsw︸ ︷︷ ︸

HS-On-State Losses

. (5.10)

In dependence, whether DThi is too short or too long, the diode conduction losses
or the non-ZVS losses, respectively, become zero. tdio,hs is the diode conduction
time of the high-side switch during DThi, which is similar to tdio1 in Fig. 5.8a for the
low-side switch, and Vsw(ths,on) is the switching node voltage at the instant when the
high-side switch turns on. IL0(ths,on) is the inductor current, at the instant, when the
high-side switch turns on. The rise time of the switching node during DThi depends
strongly on the negative peak current of the inductor IL0(tls,off) at the low-side
switch turn-off, and thus on the operating point of the converter (Vin, Iout and L0).
If IL0(tls,off) is only slightly negative, Vsw swings up very slowly. This significantly
increases IL0 while Vsw swings up to higher input voltages, as the inductor voltage
becomes positive during the swing-up. Thus, IL0(ths,on) differs significantly from
IL0(tls,off).

To calculate the losses and to demonstrate the switching node behavior during
DThi, the swing-up is simulated for different operating points. Figure 5.12a shows
the behavior at Vin = 12 V for Iout = 10 mA and Iout = 300 mA. With an inductor
of L0 = 500 nH, both output current cases are at light load, while the negative peak
inductor currents ILmin at the low-side switch turn-off are −280 and −62 mA. The
small ILmin at Iout = 10 mA leads to a very strong and fast rising of Vsw during
DThi. The switching node would significantly exceed Vin, assuming the high-side
switch would not be turned on or its body diode would not clamp Vsw. As described

Vgs,Is Vgs,hsDThi Range of DThi

Fig. 5.12 Light-load switching conditions at Vin = 12 V, L0 = 500 nH and different output
currents Iout (10 and 300 mA); (a) study of the switching node swing-up and optimum high-side
turn-on instant and (b) the dead time related losses versus the turn-high dead time DThi
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in Fig. 5.11a, ZVS can be achieved and body diode conduction can be avoided if the
high-side switch turns on exactly when Vsw reaches Vin before the body diode of
the high-side switch starts conducting. This is challenging, as the rise time of Vsw
is in the range of 3.5 V/ns. This means that the high-side switch needs to be turned
on with a resolution of less than 285 ps to achieve ZVS with a voltage accuracy
of below 1 V. For the dead time implementation, which will be shown in Sect. 6.3,
a resolution of 125 ps is chosen. For the case with Iout = 300 mA (Fig. 5.12a),
which is close to the border between light-load and typical load condition, the
swing-up occurs only very slowly due to the small ILmin of −62 mA. Vsw swings
up only to slightly below Vin. The ideal turn on is at the maximum of Vsw, which
is at a very large dead time of DThi = 20 ns, at which the losses are minimum.
Thus, to cover a turn-on at minimum losses, a wide dead time range of >20 ns is
required. Figure 5.12b shows the additional dead time related losses for a varying
dead time DThi for the load cases simulated in Fig. 5.12a. The losses are calculated
according to (5.10) by extracting IL0(ths,on) from the simulation. For Iout = 10 mA,
the optimal loss point is at DThi ≈ 3 ns. Decreasing the dead time by only a few
hundred microseconds increases the losses drastically due to non-ZVS losses. For
larger dead times, losses increase due to the body diode conduction of the high-side
switch. The loss curve for Iout = 300 mA shows that the requirement for the dead
time resolution is relaxed, but the loss optimum is shifted to DThi ≈ 20 ns and thus
requires a large dead time range, similar to the range required for DTlo (compare to
Fig. 5.10b).

A different operating point at Vin = 48 V is shown in Fig. 5.13a. A simulation
using L0 = 500 nH shows that the swing-up of Vsw do not reach Vin. However, the
optimal turn-on instant is at the maximum of Vsw. No ideal ZVS is achieved, and
the high-side switch has to discharge/charge the voltage difference of Csw towards
Vin, resulting in losses.

Fig. 5.13 Light-load switching conditions at Vin = 48 V, Iout = 50 mA, and two different
inductors L0 (500 and 300 nH); (a) study of the switching node swing-up and optimum high-side
turn-on instant and (b) the dead time related losses versus the turn-high dead time DThi
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To achieve ZVS, the inductor value has to be reduced to L0 = 300 nH, which
is shown in the second operating point in Fig. 5.13a. This decreases the negative
current peak at the low-side switch turn-off from −400 to −690 mA (see subset in
Fig. 5.13a), and results in a stronger swing-up. If the high-side switch is turned on
with ZVS at Vsw = Vin, the dead time related losses are theoretically eliminated.
This is confirmed by calculation of the dead time related losses for varying dead
times, which are depicted in Fig. 5.13b for both operating points.

However, further reduction of the inductor value significantly increases the
inductor current ripple from �iL0 = 900 mA to �iL0 = 1.48 A. Besides the on-
state losses of the power switches, the AC and DC losses in the inductor significantly
increase due to the higher current ripple. The gain in the reduction of the dead time
related losses is thus counterbalanced by the higher inductor and on-state losses.

The best trade-off between low turn-on losses and current ripple losses is thus
depending highly on the used inductor. To choose the best inductor value, it is
required to study the scaling of inductor losses with current ripple and inductor
value. As a study of the inductor losses was not the focus of this book, an optimized
inductor value was found by experiments. Efficiency measurements on a prototype
(implementation will be described in Sect. 6.3) resulted in a better efficiency using
an inductor value of 500 nH for the operating point of Fig. 5.13, without achieving
ideal ZVS.

The proposed dead time control is able to fully eliminate dead time related losses
over a wide range of input voltage and load current variation operating in typical,
as well as in light-load condition. To safely fulfill the dead time range requirements
and the resolution to eliminate all dead time related losses, a dead time control is
proposed in this book, which has been implemented with a nominal dead time range
from 125 ps to 32 ns with a resolution of 125 ps. This enables the dead time control
to regulate both DThi and DTlo to loss optima for widely changing operating points.
The implementation of the dead time control will be described in Chap. 6.

5.5 Loss Optimization and Limitations

If a buck converter operates at a very high conversion ratio Vin/Vout, the loss
contribution of the high-side switch becomes very low due to the small on-time ton.
This allows to reduce the size of the high-side switch and thus to increase Ron,hs. A
detailed calculation of the conduction losses is shown in section “Switch Conduction
Losses” in the Appendix. The resulting increase of the conduction losses at the high-
side switch Pcond,hs has only a very small impact on the overall conduction losses,
but parasitic capacitances of the high-side switch are reduced, and switching losses
might become significantly lower.

However, increasing the on-state resistance of a switch, in order to reduce the
switching losses is limited. A switch in on-state should not enter saturation region,
in which its drain-source voltage and thus the on-state resistance would significantly
increase, and thus the losses. For example, the PMOS switch used for the converters
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covered in this book is designed to have an on-state resistance of 3.4 �. Assuming
its saturation region starts at Vgs−Vth, which is slightly above 4 V for Vgs = 5 V, the
switch can tolerate an inductor peak current of about 1 A with a small safety margin.
At a DC load current of 500 mA, a buck converter can be designed for inductor
current ripples up to 100% of the DC current. The designed PMOS switch is thus
also suitable as resonant switch (MPR) in the proposed parallel-resonant converter
(PRC), which will be described in Sect. 7.2, in which resonant current peaks of up
to 1 A are also possible in some operating conditions.

The impact of the limited on-resistance can be observed in a loss break down
as shown in Fig. 2.17a; at higher switching frequencies and input voltages, the
switching losses become dominant compared to the static on-state resistance losses.

The loss break down of an asynchronous buck converter shown in Fig. 5.4a
demonstrates that the used Schottky diode (SS16) has a significant impact on
converter losses. The diode [13] is typically used in automotive applications, which
require the same current and voltage range as covered in this book. The availability
of power diodes with a more optimized capacitance and forward voltage is limited
on the market, especially for diodes with high break down voltages and low
currents. Further improvements of the Schottky diode towards the requirement of
fast-switching high-Vin converters could have a high potential to further reduce
switching losses and improve power efficiency of the asynchronous buck converter.

5.6 Architecture Comparison

To determine, which buck converter architecture is superior in power efficiency,
a transient transistor level simulation of a power stage implementation for each
architecture is done to compare the efficiency. To only compare the power stage, an
ideal inductor was used to neglect inductor losses. The inductor value was chosen
large enough to have a negligibly small inductor current ripple. In the asynchronous
buck converter, the NMOS transistor was designed to have approximately the same
size, resulting the parasitic capacitances to be in the same range. The NMOS switch
was implemented as a lateral diffusion MOS (LDMOS) transistor, while the PMOS
switch was only available as drain-extended transistor in the used technology. This
results in a significantly better on-state resistance for the NMOS switch (Ron =
0.8 �) compared to the PMOS switch (Ron = 3.4 �). In the synchronous converter,
both the high-side and the low-side switch were implemented identically (each with
Ron = 0.8 �).

Figure 5.14a shows a first comparison of an asynchronous buck converter power
stage once with an NMOS switch, and once with a PMOS switch, both operating at
10 MHz, Vout = 5 V, and a medium input voltage of Vin = 18 V. It can be observed
that at lower output currents, the difference in efficiency is marginal, while at higher
output currents, the synchronous buck converter becomes superior (up to 6% better),
as the on-state resistance of the switch becomes dominant in the loss contribution.
Figure 5.14a also shows two simulations for each converter architecture, one is
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Fig. 5.14 Efficiency comparison of different buck converter architectures. (a) Comparison of the
power efficiency of an asynchronous buck converter with NMOS and PMOS power switch versus
the output current, operating at 10 MHz, Vin = 18 V and Vout = 5 V. (b) Comparison of the power
efficiency of an asynchronous buck converter with NMOS and PMOS power switch versus the
input voltage, operating at10 MHz, Iout = 0.3 A and Vout = 5 V. (c) Comparison of the power
efficiency of an asynchronous to a synchronous buck converter with optimized and non-optimized
dead time versus the input voltage, operating at fsw = 10 MHz, Iout = 0.3 A and Vout = 5 V
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assumed to have an ideal high-side supply (i.e. connecting an ideal source between
Vboot and HSGND, see also Fig. 3.2), the second one assumes that the high-side
supply is generated by a linear regulator as introduced in Fig. 3.3a for the PMOS
switch. For the NMOS switch, it is assumed that the input supply of the bootstrap
circuit, used to generate the high-side supply (Vdd5 in Fig. 3.1c) is generated from
Vin by a linear regulator. The losses caused by this linear regulator do not change
with the output current, consequently it leads to a significantly dropping efficiency
at lower output currents, as the losses related to the output power are less.

In Fig. 5.14b, this comparison is done for a varying input voltage Vin with Iout =
300 mA. In this case, the difference in efficiency becomes small at high Vin. As the
duty cycle decreases for higher input voltages, the on-time of the high-side switch
becomes very small. The shorter conduction time (on-time) of the high-side switch
also reduces the on-state losses. At large duty cycles at low input voltages, the on-
state losses become dominant again, resulting in the NMOS switch being superior
to the PMOS switch. Figure 5.14b again compares the efficiency with an ideal high-
side supply to a high-side supply generated by linear regulators for both NMOS and
PMOS switch. As the voltage drop over the pass device MPlin of the linear regulator
is HSGND = Vin − 5 V (see Fig. 3.3a) for a PMOS switch, or Vin − Vdd5 (with
Vdd5 as input of the bootstrap circuit as shown in Fig. 3.3c), the losses decrease at
low Vin, while at high Vin, the efficiency difference to an ideal high-side source is
significant (up to 7%).

For a decision to use an NMOS or PMOS switch in an asynchronous buck
converter following arguments can be derived.

• For a large operating range, the difference in efficiency is not significant. If the
converter is mainly operating at its maximum load and at the same time at low
or moderate conversion ratios (large duty cycles), an NMOS is superior. If this
is not the case, a PMOS might be the preferred choice as its implementation is
less critical, with respect to the level shifter design and substrate coupling, as the
high-side supply is not switching (compare Fig. 3.2 and Sects. 3.4 and 4.3).

• The implementation of the generation of the high-side supply has a large impact
on the efficiency. For the PMOS switch, the high-side supply could be generated
with a charge pump as shown in Fig. 3.3b. However, it requires an additional
switching driver connected to the pumping capacitor, which needs to deliver
a charge which is higher than the gate charge of the PMOS high-side switch,
and creates additional losses. It improves the efficiency compared to a linear
regulator, but an efficiency close to an ideal high-side supply is hardly reached.
In contrast, the high-side supply can be generated by a bootstrap circuit (see
Fig. 3.1c), which is driven by the switching node. No additional driver is required
which makes a bootstrap circuit efficient. However, the supply of the bootstrap
circuit has to be generated efficiently. In larger power management ICs, typically
a separate high-efficient converter is implemented to generate the low-side
supplies for several converters. This can be used as an efficient supply for the
bootstrap circuit. A second option is to power up the buck converter with a linear
regulator supplying the bootstrap circuit, and connecting the output voltage to the
bootstrap circuit as soon as it is stable. This is only possible if the output voltage
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is in the range of the required high-side supply voltage. If such a high-efficient
supply for the bootstrap circuit is available on the system, the converter with an
NMOS switch will likely be more efficient as a PMOS device.

• The efficiency of an asynchronous buck converter also depends significantly on
the available PMOS and NMOS switch technology and their figure of merits
related to parasitic capacitances and on-state resistance, as demonstrated in
Sect. 3.2.

Figure 5.14c compares an asynchronous buck converter with NMOS switch to
a synchronous converter, with both high-side and low-side switch implemented as
NMOS transistors. For the synchronous converter, two simulations are shown, one
with a dead time adjusted to its optimum value at each operating point, and a second
one, with fixed non-optimal dead times of DThi = 5 ns and DTlo = 1 ns across all
operating points. The values are chosen based on a realistic scenario, in which the
dead time generator adjusts both dead times to 3 ns, and the level shifter delays the
high-side signal by 2 ns. The level shifter delay adds up to DThi and subtracts from
DTlo, resulting in DThi = 5 ns and DTlo = 1 ns

From the efficiency comparison of Fig. 5.14c, it can be observed that dead time
drastically impacts the efficiency by more than 15%. Comparing the efficiency from
the asynchronous converter to the synchronous converter, it can be concluded that a
synchronous converter can be superior to an asynchronous converter (by up to 10%),
only when the dead time is adjusted to its optimal value at each operating point,
which matches the theoretical analysis of dead time related losses in Sect. 5.4.3.2.

An asynchronous buck converter architecture leads to the highest efficiency, but
a highly accurate dead time control adjusting dynamically with changing operating
points is required. In Sect. 6, a dead time control implementation is proposed which
is able to fully eliminate dead time related losses.

5.7 Design Indicator: Efficiency Scaling

A major challenge is to compare and predict the efficiency at different operating
points. Due to the scaling of the losses and the efficiency with varying parameters,
like input and output voltage, switching frequency and load, the expected efficiency
is often changing significantly over different operating points.

The efficiency η scales in dependency of the output voltage Vout, the output
current Iout, and thus, the output power Pout = Vout · Iout, as well as the power
losses Ploss of the converter, and is defined as

η = Vout · Iout

Vout · Iout + Ploss(fsw, Vin, Iout)
(5.11)

= 1

1 + Ploss(fsw, Vin, Iout)

Vout · Iout

(5.12)
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= 1

1 + Ploss,norm(fsw, Vin, IoutVout)︸ ︷︷ ︸
Normalized losses

. (5.13)

Equation (5.11) can be re-arranged to (5.12) in order to obtain a fraction
including the losses Ploss and the output power Vout · Iout. The losses Ploss in (5.12)
scale with changing fsw, Vin, Iout, and Vout. As soon as the switching losses in a
converter are dominant, the losses scale approximately proportionally to fsw and
in a first order to Vin

2. In the following, it is assumed that the losses also scale
proportional with Iout, which is the case for the assumption that the power switches
of two converters, operating at different output currents, are scaled such that the on-
state resistance is inversely proportional to Iout to balance on-state and switching
losses.

In the next step, the losses Ploss are normalized to the output power, resulting in
the normalized losses Ploss0 as shown in (5.13). Assuming now that a converter
operating point changes, a given efficiency η scale with the normalized losses
Ploss,norm, as a function of fsw, Vin, Vout, and Iout.

With fsw0, Vin0, and Iout0 being the values of an initial reference operating point,
and fsw, Vin, and Iout being the values at a different second operating point, the
scaling of the converter losses from the initial to the second operating point can be
expressed as

Ploss0

fsw0 · Vin0
2 · Iout0︸ ︷︷ ︸

Initial operating point

≈ Ploss

fsw · Vin
2 · Iout︸ ︷︷ ︸

Second operating point

. (5.14)

Equation (5.14) can be re-arranged to

Ploss ≈ Ploss0

fsw0 · Vin0
2 · Iout0︸ ︷︷ ︸

Initial operating point

· fsw · Vin
2 · Iout︸ ︷︷ ︸

Loss scaling factor

. (5.15)

The normalized losses Ploss,norm from (5.12) and (5.13) are defined as

Ploss,norm = Ploss

Vout · Iout
. (5.16)

Thus, Ploss,norm scale with Vout and Iout. Substituting Ploss in (5.16) with (5.15) leads
to the overall scaling of the normalized losses, and thus of the converter efficiency.
The scaling of the normalized losses is obtained as

Ploss,norm ≈ Ploss0

fsw0 · Vin0
2 · Iout0︸ ︷︷ ︸

Initial operating point

· fsw · Vin
2 · Iout

Vout · Iout︸ ︷︷ ︸
Loss scaling factor = Design indicator

. (5.17)
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Fig. 5.15 Efficiency scaling versus the design indicator for various operating points

A design indicator is proposed, which is equal to the resulting loss scaling factor
of the normalized losses Ploss,norm. The design indicator derived from the loss
scaling factor of (5.17) is thus defined as

DI = fsw · Vin
2

Vout
. (5.18)

The proposed design indicator is a measure for the scaling of the normalized
losses Ploss,norm, and thus of the overall converter efficiency, which allows to
compare two different operating points.

Based on (5.18), scaling of the efficiency can be drawn as a function of the design
indicator, as shown in Fig. 5.15. By plotting the efficiency versus the normalized
losses Ploss,norm as calculated in (5.13), efficiency contour lines are obtained.
Different initial operating points Ploss0, fsw0, Vin0, Vout0, and Iout0, resulting in
different initial normalized losses lead to different contour lines. A change of
any parameter fsw, Vin, or Vout scales the initial efficiency along the efficiency
contour line. The resulting distance on the contour line to the original efficiency
point is defined by the scaling factor of each parameter in the design indicator,
according to (5.18). This is demonstrated in Fig. 5.15 for operating points with
increasing Vin, decreasing Vout, and increasing fsw. Iout do not scale the efficiency
as demonstrated in (5.17) and (5.18). For example, the efficiency of a 5 MHz,
12 V-to-5 V converter scales down from above 90% to about 73% if the input
voltage is doubled. A further reduction to half of Vout reduces the efficiency to
around 60%. If the switching frequency is doubled, the efficiency drops to below
45%. Assuming that the converter performance is improved to only have half the
switching losses, for example by applying soft-switching techniques, the converter
operating at Vin = 24 V, Vout = 2.5 V, and fsw = 10 MHz shifts up to a higher
efficiency contour line, indicating the improved converter performance. Following
the efficiency contour line of the improved converter, the improved converter can
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be directly compared to the original converter at a completely different operating
point, for example at 5 MHz, 12 V input, and 5 V output, which is located at a lower
efficiency contour line.

The main benefit of the design indicator is the possibility to compare converters
published at different operating points. This will be demonstrated in Sect. 7.2, which
benchmarks the converters of this book against published state-of-the-art converters.

An efficiency comparison using the design indicator is limited by assuming that
the switching losses are dominant in the overall loss scaling, while the influence
of the static losses is neglected. Therefore, the design indicator allows only an
approximate comparison. A more accurate definition by including the static losses
in the overall loss scaling would make the design indicator too complex for
practical use. Moreover, the information provided in publications are typically
limited to the parameters used for the proposed design indicator. Thus, a more
accurate design indicator is not suitable to compare published converters due to
the lack of information. As previously no tool was available, and thus published
converters could practically not be compared, the proposed design indicator delivers
a significantly improved quality of comparison.

Appendix

Switch Conduction Losses

The total switch conduction losses Pcond in buck converter are the sum of the
conduction losses Pcond,hs of the high-side switch and Pcond,ls of the low-side switch.

Average losses over a power switch (conduction losses) in on-state during the on-
time ton with an on-state resistance Ron,hs of the high-side switch are calculated as

Pcond,hs =
ton∫
0

Ron,hs · IL0
2(t). (5.19)

During the on-time of, e.g., the high-side switch, the inductor current is linearly
rising from ILmin = Iout − �iL0/2 to ILmax = Iout + �iL0/2 (current ramp). In this
time, the inductor current is

IL0(t) = ILmin + �iL0

ton
· (t). (5.20)

Inserting (5.20) into (5.19) and solving the integral results in

Pcond,hs = Ron,hs

(
ILmin

2 + ILmin · �iL0 + 1

3
�iL0

2
)

. (5.21)
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Expressing (5.21) by the output current by substituting ILmin = Iout − �iL0/2
leads to

Pcond,hs = Ron,hs

(
Iout

2 + 1

12
�iL0

2
)

. (5.22)

As ton is vanishing in (5.21), the average power for a ramp current is independent
of the ramp time. Consequently, the calculation of Pcond,ls is accordingly for the
falling current ramp from ILmax to ILmin during the on-time of the low-side switch,
which is toff of the buck converter, with the on-state switch resistance Ron,ls.

Thus, the total conduction losses are

Pcond = 1

T

(
Pcond,hs · ton + Pcond,ls · toff

)

=
(

Ron,hs · ton

T
+ Ron,ls · toff

T

)
·
(

Iout
2 + 1

12
�iL0

2
)

. (5.23)

Writing the equation in dependence of Vin and Vout by substituting the duty cycle
ton/T = Vout/Vin results in

Pcond =
(

Ron,hs · Vout

Vin
+ Ron,ls ·

(
1 − Vout

Vin

))
·
(

Iout
2 + 1

12
�iL0

2
)

. (5.24)

The first term of (5.24) shows that the losses of the high-side switches contribute
with a factor of Ron,hs · Vout/Vin, while the losses of the low-side switch contribute
with a factor of Ron,ls · (1 − Vout/Vin).

Calculation of the DC Losses in the Inductor

The inductor DC losses PL,DC are calculated the same way as the switch conduction
losses, as the inductor current ramps are also causing losses at the inductor DC
resistance Rdcr, instead of the switch on-state resistance. The average power loss
PL,DC are thus calculated by modifying (5.23) (substitution of Ron,hs and Ron,ls) to

PL,DC =
(

Rdcr · ton

T
+ Rdcr · toff

T

)
·
(

Iout
2 + 1

12
�iL0

2
)

= Rdcr ·
(

Iout
2 + 1

12
�iL0

2
)

. (5.25)
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Chapter 6
Dead Time Control

As described in Sects. 5.4 and 5.6, a high-resolution dead time control is required
for a synchronous converter architecture to be superior in power efficiency. In this
book, a dead time control implementation for both typical operation (Fig. 5.8a) and
light-load condition (Fig. 5.8b) is proposed, which is able to fully eliminate dead
time related losses along varying operating points. This is achieved if the turn-high
and the turn-low dead time are chosen to have each the required resolution of 125 ps
a range of 32 ns, as it was derived in Sect. 5.6. The implementation of the dead time
control for full-load condition is shown in Sect. 6.2, while Sect. 6.3 explains how the
implemented dead time control can be extended to operate in light-load condition to
achieve soft-switching of the low-side and high-side switch.

6.1 State-of-the-Art Dead Time Controls

Several dead time control concepts were published for lower switching frequencies.
Most state-of-the-art concepts evaluate the switching condition by measuring the
body diode forward voltage at the low-side switch. Adaptive dead time control
methods instantly turn on the high-side switch as soon as the body diode starts
conducting. Due to the propagation delay of the detection circuits, the achieved
minimum dead time is limited to tens of nanoseconds [6], especially in high-voltage
technologies, which are limited in bandwidth and speed. This is circumvented
by predictive dead time control, which adjusts the dead time for the subsequent
period [6]. Maximum Power Point Tracking (MPPT) concepts evaluate the converter
efficiency over several periods, slowly adjusting a new dead time to a new operating
point [1, 11]. The concept reported in [5] for switching frequencies up to 10 MHz
achieves a dead time resolution of 1 ns by sensing the currents in the power switches
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and detecting the body diode conduction. However, body diode conduction losses
cannot be eliminated completely, as a conducting diode is required to detect the dead
time condition.

6.2 Predictive Mixed-Signal Dead Time Control

This book proposes a high-resolution predictive dead time control, suitable for
switching frequencies of fsw>10 MHz and input voltages of Vin>18 V. The dead
time does not depend on the body diode forward conduction, and thus allows a
complete elimination of dead time related losses.

The dead times DThi and DTlo (Fig. 5.8a) can be adjusted by changing either the
high-side turn-on and turn-off instants ths,on and tls,off, or by changing the low-side
turn-on and turn-off instants tls,off and tls,on. Both dead times have to be adjusted
independently. Modifying ths,on and tls,off would change the Vsw transition instant
with significant impact on the on-time of the converter and, thus, the duty cycle
as well as the output voltage, which is the averaged switching node voltage Vsw.
Therefore, the proposed dead time control has been chosen to control tls,off and tls,on
to adjust both dead times DThi and DTlo. This way, the output voltage receives only
a slight change if the durations of the diode conduction tdio1 and tdio2 (Fig. 5.8a) are
adjusted by dead time regulation. The slight change comes from the fact that Vsw is
lower during body diode conduction (Vsw = −Vf) compared to the time, when the
low-side switch is turned on (Vsw = −Von).

A change in the converter’s duty cycle will be corrected by the output voltage
regulation. As soon as the output voltage and the dead time control reach a steady
state, a change in the duty cycle is undesired. Therefore, a fine-adjustment of the
dead times for only slightly modifying operation conditions should happen with
only very small changes in the dead times, which in addition justifies a high time
resolution of the digitally controlled dead times.

6.2.1 Dead Time Control Concept

The control technique proposed in this book uses a predictive algorithm to control
both dead times DThi and DTlo. Based on the three cases, outlined in Fig. 6.1, the
dead time setting can be evaluated. The dead times can be either too long, too short
or optimal. The status of DThi is obtained by sampling the switching node a few
hundred picoseconds (one inverter delay) after the low-side switch is turned off at
sample point S1. At a too long dead time, Vsw is pulled low due to body diode
conduction. S1 is between −Von and −Vf (Fig. 6.1a). If DThi is too short, i.e., cross
conduction occurs, the high-side switch is already turned on when the low-side
switch turns off, and the sample point at S1 is at a positive voltage (Fig. 6.1c).
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500 mV

Fig. 6.1 Sampling and regulation principle of the dead time controller. (a) Dead time too large.
(b) Optimal dead time. (c) Dead time too small

The dead time is considered optimal if the sampled voltage at S1 is within a
defined target window with a range from 0 to 500 mV. With a maximum Vds of
500 mV, the low-side switch is deeply in triode region with limited drain current.
As this happens during a very short time (tens of picoseconds), a 500 mV window
ensures that there is effectively no cross conduction between the high-side and low-
side switches.

This assures that the low-side switch is turned off until the drain-source voltage
of the conducting low-side switch exceeds 500 mV. Thus, the low-side switch only
conducts deeply in linear region, which limits cross currents, even when the high-
side switch already starts to turn on. To evaluate the dead time DTlo, a second
sampling is performed at S2, which is triggered by the signal of the last low-side
gate driver stage (see signal Vn in Fig. 4.12, Sect. 4.4), which occurs a few hundred
picoseconds (delay of one driver stage) before the low-side switch turns on. For a
dead time, which is too long, the diode was conducting before the low-side turns on.
This results again in a sampled voltage around −Vf. If the dead time is too short, the
low-side switch is turned on at a high switching node voltage Vsw (non-ZVS), which
leads to a positive sampled voltage at S2. DTlo is considered optimal if the sampled
voltage at S2 is in the target window between zero and 500 mV. This ensures that
the error towards ZVS is always less than 500 mV, resulting in a negligible impact
on efficiency.

The implementation of the proposed dead time control concept is shown in
Fig. 6.2. The PWM and the inverted PWM signals are each passed through an 8-
bit digital delay chain. DThi is generated by delaying the rising edge of the PWM
signal and DTlo by delaying the falling edge of the original PWM signal. A digital
multiplexer generates CT RLls and CT RLhs out of the delayed PWM signals. Each
delay line is controlled by two digital up-down counters, which increase or decrease
if the sampled voltages at S1 or S2 (Fig. 6.1) are below the target window at too large
dead times, or above the target window at too small dead times. The evaluation is
done by window comparators, comparing the sampled voltages to the target window.
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Fig. 6.2 Detailed overview of the proposed mixed-signal dead time control

Fig. 6.3 Frequency compensated charge balanced sample and hold circuit with window compara-
tors

At optimal dead times, if S1 or S2 are within the target window, the counters are
stopped, and a steady state is achieved. S1 and S2 are stored in a sample and hold
circuit.

6.2.2 Sample and Hold Circuit

The sampling is done by a high-speed sample and hold circuit, shown in Fig. 6.3
with the timing depicted in Fig. 6.4. By matching the impedance of C1, R1, and
C2, R2, a frequency compensated voltage divider scales down the switching node
voltage into the low-voltage 5 V-supply domain. A scaling of Vsw,lv = 1/10 · Vsw
is achieved with sufficient accuracy in the picoseconds range. This enables input
voltages up to 50 V. The divider also scales down the 500 mV target window
(Fig. 6.1) to approximately 50 mV at Vsw,lv.
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Fig. 6.4 Signals of the sample and hold circuit

To sample negative voltages at Vsw and to keep the divided signal level above
zero, an offset is added to Vsw,lv by connecting R2 to a positive reference Vref =
0.8 V. This avoids leakage currents, as the transfer gate T1 would not turn off for
Vsw < 0. � and � are controlled such that T1 is turned off at the sampling events
S1 and S2 (Fig. 6.1), and the divided switching node voltage Vsw,lv is stored on the
sampling capacitance Cs. A charge compensation for the transfer gate is achieved
by N2 and P2, as transistors N1 and P1 would couple a part of its gate charge into
the hold capacitance Cs.

A second transfer gate T2 is switched on for a few nanoseconds after T1 is
safely disconnected. This transfers the voltage Vs to Vsh1/2 and stored onto the hold
capacitor Ch. To settle the output voltage within the on-time of the second transfer
gate, Ch must be much smaller than Cs. This design uses Ch = 50 fF (including the
input capacitance of the following comparator), Cs = C1 = 250 fF, and C2 = 2 pF.
The sampled voltage Vsh1/2 at Ch is present during the entire switching period of the
converter, while Ch is connected back again to the input divider (Fig. 6.4). This way
Vsh1/2 is only slowly varying as long as the operating point of the converter does not
change.

The subsequent window comparators toggle only if Vsh1/2 crosses the border
of the target window in the upper or lower direction. The comparators have low
timing requirements, as the comparator outputs only change the counting direction
of the counter (Fig. 6.2), or stop the counter in the target window when the operating
point of the converter is reached. A conventional 2-stage miller amplifier with high
gain is sufficient to perform the comparison within one switching period. The target
window references Vhi and Vlo are derived from a bandgap reference. They are
trimmable, such that the level of the window as well as the window width can
be adjusted. In the implemented dead time control, a width of 50 mV, resulting
in 500 mV up-scaled target window at Vsw, is selected, as the mismatch variation of
each window comparator has an untrimmed 3σ input offset of ∼20 mV. This assures
that the comparator levels do not overlap, i.e., the window width is always positive
(≥10 mV), but the window is kept small enough to not cause significant dead time
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related losses. In addition, the sampling stage is placed very close to the integrated
power switches to ensure minimum influence from bond or board parasitics during
switching.

6.2.3 Differential Delay Lines

The dead times are generated by 8-bit digitally adjustable delay elements with a
nominal dead time resolution of 125 ps. At 8-bit, a dead time range of 32 ns for each
dead time DThi and DTlo is obtained to cover a wide output current range (in line
with Sect. 5.4.3, Fig. 5.10). The high resolution is achieved by a differential dead
time generation, shown in Fig. 6.5a [10]. In each LSB element, two parallel inverter
chains are installed. A delay capacitance Cdel in one of the two branches increases
the propagation delay slightly with respect to the other branch. To be able to use a
digital design flow, standard inverter gates are used to realize the capacitance Cdel.
The difference of the propagation delay between the two branches of the differential
delay chain is utilized to generate the dead time. The LSB delay elements are
connected in series. The differential delay is set by tapping the appropriate stage

Fig. 6.5 Implementation of the digital delay line, (a) with two differential LSB delay elements,
and (b) with n delay elements
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output of the delay chain by a digital multiplexer. This way, the adjustable dead
time can be smaller than the technology related minimum propagation delay of
two inverters, which are required to preserve the signal polarity. In the proposed
design, the implementation of one LSB with a differential delay of nominal 125 ps
is less than half of the minimum possible delay of two minimal inverters. Similar
to the inverter delay, the differential delay varies due to process variations by
approximately ±30%, which has to be considered in the overall design of the delay
chains. Theoretically, the minimum value of the differential delay is only limited by
the inverter’s random delay mismatch of a few picoseconds as there is no minimum
limit to Cdel. Cdel could even be implemented as pure wiring capacitance.

The time difference between Dout and Dout,del is small, but each of the signals
has a large absolute propagation delay compared to the PWM signal. Selecting
different delays, only the differential delay, and thus the dead time, should change.
To avoid a time step of the overall PWM signal, the propagation delay of the LSB
delay elements, which are bypassed by the multiplexer, has to be compensated as
shown in Fig. 6.5b. Both signals Dout and Dout,del are passed through a propagation
delay compensation element, consisting of a pure inverter stage for each signal,
without adding a differential delay. For the longest dead time setting at the maximum
counter value, all n differential delay elements would be selected (Fig. 6.5b). At a
counter value of 1, for example, one differential delay chain and n−1 compensation
elements would be used, while at zero dead time, n compensation elements and no
delay element are required. This way, all dead time settings have the same overall
propagation delay.

To reduce the number of sub-cells and the absolute propagation delay, the 8-bit
delay chain is divided into two different 4-bit delay chains as shown in Fig. 6.6,
the first with 125 ps per LSB, and the following stage with 16 × 125 ps = 2 ns
per LSB with a 16× larger Cdel. The cascaded delay chains reduce the number of
delay elements n and multiplexed delay paths m to n = m = 16 in each 4-bit delay
chain. In this design, the 125 ps delay element is 20% larger than the compensation
element, and the 2 ns delay element has approximately three times the size of the
125 ps delay element.

As the sampled voltage is regulated to the target window for the optimal dead
time, only process and temperature of the sampling stage and the accuracy of the
window comparators have an influence on the accuracy of the dead time. Variations
in the sampling occur between the sampling signal at the transfer gate T1 and the
actual low-side switch turn-on, which is in the range of few hundred picoseconds.
Large variations of the mismatch between the propagation delay from the delay

Fig. 6.6 Area efficient
implementation of the 8-bit
delay line by two cascaded
4-bit stages
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chains to the low-side switch and from the delay lines to the high-side switch,
respectively, are practically entirely compensated by the dead time control. The
mismatch, generated by an asymmetry between the low-side and high-side circuits,
e.g., due to the level shifter, can be in the range of several nanoseconds, which have
to be considered in the definition of the dead time ranges.

While the range of DThi has to cover mainly the process variations, the optimum
dead time DTlo also scales up with the input voltage, and is inversely proportional to
the output current, which discharges Vsw during DTlo (see Sect. 5.4.3, Fig. 5.10b).
In general, dead time regulation is possible even beyond the specification of this
design, i.e., for Vin > 18 V, Iout < 50 mA. This requires to increase the number of
delay elements in the second delay chain (Fig. 6.6). One additional bit in the second
delay chain yields twice the dead time range and results in a 2.5× area increase of
the entire delay line in Fig. 6.6. An operation at significantly higher output current
would require a larger size of the power switches to not increase on-state losses.
This scales up the parasitic capacitances, which compensates the faster discharge at
higher currents, such that the required dead time range of DTlo does not significantly
change.

6.2.4 Experimental Results

The DC-DC buck converter has been implemented in a 180 nm high-voltage
BiCMOS technology. The die with an active area of around 2.5 mm2, shown in
Fig. 6.7a, was directly bonded to a PCB to minimize ringing, as shown in Sect. 3.3
(Fig. 3.6c). The PCB including the measurement setup is depicted in Fig. 6.7b.

Fig. 6.7 Micro-photograph of the test chip, directly bonded to the PCB
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DT

DT

Fig. 6.8 Dead time regulation and settling over time

Initial measurements were performed with large passives L0 = 10 µH and
C0 = 10 µF to ensure continuous conduction mode (CCM) over a wide load current
range. Figure 6.8 shows the voltage at the switching node Vsw and the gate drive
signals Vgs,hs and Vgs,ls before the dead time control is started (top left) and after
the dead time has settled at around 6 µs (top right). From this, both dead times DThi
and DTlo are extracted in each period and drawn over time in the bottom graph of
Fig. 6.8. Initially, the dead time is 10 ns at both transitions. After settling, the dead
time DThi at turn-on of the high-side switch is around 500 ps. DTlo reaches 4 ns
with nearly ZVS and without low-side body diode conduction. A steady state can be
recognized after 6 µs settling with a small control ripple for DTlo (≤2 LSB). Due to
discrete time sampling of the steep rising slope at Vsw, DThi remains in regulation. A
steady state could be achieved by widening the tunable target window width. During
dead time regulation, an adjustment of DThi and DTlo slightly increases the PWM
duty cycle. This leads temporarily to a higher inductor current which results in a
faster slope at the switching node. Due to 100 ps time resolution of the oscilloscope,
a step size between 100 and 200 ps was measured (inset in Fig. 6.8, bottom), which
is in the expected range of 125 ps.

Figure 6.9 shows a measurement of the entire voltage regulation at a load step
from 50 to 150 mA. Before the load step (at −0.2 µs) the dead time regulation is at
its optimal value, which can be seen at Vsw in Fig. 6.9a. The low-side turn-on can
be identified by a slight ringing at Vsw due to a coupling of the gate charge into
the switching node. After the load step, which occurs at 0 ns, the output voltage
Vout drops by 50 mV. Figure 6.9b shows Vsw at the point, where Vout dropped to its
minimum after the load step. Due to the fast drop of Vout, also the inductor current
increases rapidly and the falling slope of Vsw is significantly faster. At that point,
the dead time DTlo at the turn-low event is not optimal anymore as the falling slope
has changed fast. Only 1.5 µs later, the dead time control has regulated again to the
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Fig. 6.9 Voltage regulation at a load step of 100 mA with the switching node signal at (a) before
the load step, (b) during the voltage drop with non-optimal dead time and (c) with optimal dead
time

(a) (b)

Fig. 6.10 Comparing the proposed dead time control to a fixed dead time of 5 ns: (a) measured
efficiency of the synchronous buck converter with 18 V input and 5 V output voltage; (b) measured
overall converter losses

optimal value, as seen in Fig. 6.9c. As the dead time control is able to adjust the
dead time by 125 ps per switching period, it is fast enough to follow the slow output
voltage regulation loop until Vout has finally settled back to its target value.

Figure 6.10 shows the efficiency and the losses of the buck converter at 18 V
input, 5 V output, and 10 MHz switching for varying output currents Iout. A peak
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(a) (b)

Fig. 6.11 Comparing the proposed dead time control to a fixed dead time of 5 ns: (a) measured
efficiency of the synchronous buck converter for a 12 V to 5 V conversion with an inductor of 10 µH
and a conversion from 12 V to 1.8 V with an inductor of 500 nH; (b) measured overall converter
losses

efficiency of 77.3% is achieved. Compared to a fixed 5 ns dead time, the efficiency
and the losses improve by 5.3% and 31%, respectively, due to the proposed dead
time control.

A fixed dead time of 5 ns is chosen to assure no cross conduction at the power
switches, which can occur due to the mismatch in the propagation delay between
the low-side and high-side PWM signal path or due to temperature gradients on
chip. Figure 6.11 shows the efficiency and the losses at 12 V input. At 5 V output
and 10 MHz switching, the overall peak efficiency of 81% is achieved. Compared
to a fixed 5 ns dead time, the efficiency improves by at least 6% (28% lower losses)
over the measured load range with the dead time control. A second measurement
in Fig. 6.11 is done with a conversion to 1.8 V output, in this case with an inductor
of 500 nH. The efficiency dropped by nearly 20%, because the output power is less
at lower output voltages, but the switching losses remain equal (refer to Sect. 5.7).
Nevertheless, an improvement by the dead time control of 4.5% is achieved, which
is a loss reduction of about 18%. In addition, a conversion from both 12 and 18 V
input voltage to 1.8 and 5 V output voltage, respectively, was measured. The results
listed in Table 6.1 do also include a smaller inductor of 500 nH.

Table 6.2 compares the results to state-of-the-art converters. The proposed
converter design achieves similar or even better results in the improvement of peak
efficiency at similar switching frequency and output power, but with higher input
voltage range and conversion ratios. The large efficiency improvement of 6.5% in
[11] is derived with respect to a large fixed dead time of 20 ns.
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Table 6.1 Measurement results at different operating points

Improvement

Vin Vout Iout ηopt �η �Plosses L0

12 V 5 V 0.4 A 81.2% 6% 27.9% 10 µH

12 V 5 V 0.2 A 80.2% 6% 30.5% 10 µH

12 V 1.8 V 0.2 A 57.9% 3% 9.4% 500 nH

12 V 1.8 V 0.5 A 60.8% 5% 21% 500 nH

18 V 5 V 0.2 A 73.6% 5% 21.5% 10 µH

Table 6.2 Comparison with prior art

Proposed converter [5] [11]

Switching frequency 10 MHz 10 MHz 10 MHz

Resolution 125 ps 1 ns Analog

Efficiency improvement 6% 5% 3% 6.5%

Output current 200 mA 500 mA 120 mA 600 mA

Input voltage 12 V 18 V 5 V 3.6 V

Technology 180 nm 65 nm 350 nm

6.3 Enhanced Dead Time Control for Light Load

This section presents the implementation of a dead time control for light-load
condition described in Sect. 5.4.4. The negative inductor peak current (see Fig. 5.8b)
allows to achieve soft-switching on both switching transitions at high-side and low-
side switch turn-on, resulting in a further switching loss reduction in a synchronous
buck converter over a wide input voltage range up to 48 V and a wide load current
range, even at a fixed switching frequency. The light-load dead time control utilizes
the proposed dead time control implementation described in Sect. 6.2. At the falling
switching node transition during DTlo, the inductor current remains positive, which
allows to control DTlo the same way as for full-load conditions as described in
Sect. 6.2. Only the implementation of DThi control needs to be adjusted, which is
described subsequently.

Typically, a further reduction of the size of the main inductor in the converter
results in higher current ripple, and thus in higher inductor losses (see Fig. 2.13a)
and conduction losses. In contrast, a smaller inductor allows to increase the light-
load range, in which soft-switching condition can be achieved at the high-side
switch turn-on. The losses caused by a higher current ripple are thus compensated
by the resulting lower switching losses due to soft-switching.

In light-load condition, conventional converters operate in discontinuous conduc-
tion mode (DCM) with complex loop compensation [4], or they operate in forced
continuous conduction mode (FCCM) with excessive losses due to hard switching
of the high-side switch. Soft-switching techniques for this case were presented,
which require to operate in critical conduction mode (also known as boundary
conduction mode) [3, 7, 9]. In this mode, the converters operate exactly at the
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boundary between DCM and CCM, i.e., the low-side switch or the freewheeling
diode turns off when the inductor current is zero. The parasitic capacitances and the
inductor create a voltage ringing at the switching node while the high-side switch
is turned on at the maximum amplitude with reduced drain-source voltage and thus
reduced switching losses. As the amplitude of the resonating switching node can
achieve a maximum of twice the output voltage, soft-switching is only possible for
low input voltages or requires more complex tapped inductors. Moreover, critical
conduction mode can only be achieved with a variable switching frequency. In
other concepts, known as Zero-Voltage Switching Quasi-Square-Wave (ZVS-QSW)
converters [2, 8, 12], the inductor current is significantly forced negative by the
low-side switch. When the low side is turned off, the switching node is pulled
up by the negative inductor current, similarly as it is in the light-load condition
described in Sect. 5.4.4. However, it is the intention to force the body diode of the
high-side switch to become conducting across the entire operating range, to be able
to assure that the high-side switch can be turned on with zero-voltage switching
(ZVS). The disadvantage is that a very high peak current in the inductor is required,
and additional losses in the forward conducting body diode of the high-side switch
occur.

6.3.1 Turn-High Dead Time Control Concept

To modify the implementation of the full-load regulation of DThi to operate in
light-load condition, the target window for the evaluation of the switching node
voltage Vsw needs to be adjusted. In full-load condition, Vsw was sampled shortly
after the low-side switch turned off (instant S1 in Fig. 6.1), and the sampled voltage
at S1 was regulated to a target window around zero volt. To achieve ZVS or soft-
switching in light-load condition, DThi has to be adjusted such that the switching
node voltage Vsw is in a target window around Vin, shortly before the high-side
switch turns on. If Vsw is above the target window around Vin, the body diode of the
high-side switch is conducting, and thus DThi is too long, as shown in Fig. 5.11a. If
Vsw is significantly below the target window around Vin, the high-side switch turns
on with hard-switching, and thus the DThi is too short.

The sampling of Vsw used for the full-load dead time control, shown in Fig. 6.3,
can be modified by changing the reference voltages of the window comparators, as
well as the trigger signal for the sampling event, which is synchronous to the high-
side switch turn-on. The voltage divider at Vsw was designed with a ratio of about
10:1 to divide the full voltage range of Vsw into the low-voltage domain. Thus, the
target window changes from the lower range of the low-voltage domain in full load
to the upper range of the low-voltage domain at light load. In case the negative
current in the inductor is not strong enough to fully pull up Vsw to the target window
around Vin, as shown in Fig. 5.13a (L0 = 500 nH), a maximum detection circuit has
to be added to turn on the high-side switch at the maximum of Vsw (loss optimum)
with soft-switching, instead of further increasing DThi as Vsw is still below the target
window.
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A maximum detection circuit is used in the parallel-resonant converter PRC, and
will be presented in Chap. 7. Its principle is shown in Fig. 7.7.

6.3.2 Experimental Results

The dead times at both switching events are adjusted by the implemented dead
time generator. Measurements are performed with L0 = 500 nH and C0 = 10 µF.
Figure 6.12 shows the switching node voltage Vsw and the gate drive signals Vgs,hs
and Vgs,ls for an optimal dead time for Iout = 150 mA, where ZVS is achieved at
both switching events. An appropriate DThi enables to charge the switching node
up to Vin for ZVS.

A measurement of the switching node Vsw, depicted in Fig. 6.12, achieves ZVS
at both switches with correctly adjusted dead times DThi and DTlo. The switching
node Vsw is pulled up to Vin after the low-side switch is turned off (Vgs,ls switching
to low), and the high-side switch is turned on with ZVS, exactly when Vsw reaches
Vin. It also can be observed that ringing at Vsw when the high-side switch turns on
is significantly improved due to ZVS, as large inrush current to charge parasitic
capacitances of the switch is minimal. Figure 6.13b shows the efficiency of the
proposed synchronous buck converter in dependence of the load current at 48 V
input, 5 V output, and 10 MHz switching frequency. A peak efficiency of 64.3% is
achieved. Figure 6.13b also shows the efficiency for the converter operating with
the conventional dead time control (Sect. 6.2) (i.e., for minimized cross conduction
and reverse recovery losses), with ZVS at the low-side switch and hard switching
with minimum dead time at the high-side switch [10]. The efficiency improves by
up to 14.4% for low output current, which relates to a loss reduction of up to 45%.

Fig. 6.12 Measured voltages
at the switching node and the
corresponding gate drive
signals at light load with
enhanced dead time control,
achieving ZVS at both
switching events
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Fig. 6.13 Efficiency measurements of the enhanced light-load dead time control and comparison
to the original dead time control (as proposed in Sect. 6.2 for full-load operation) over varying load
current with Vout = 5 V for (a) Vin = 12 V, and (b) Vin = 48 V

For a conversion from 12 V input to 5 V output (Fig. 6.13a), soft-switching at both
switches leads to a high converter peak efficiency of 80.9%, with an improvement to
the conventional dead time control [10] of up to 4.7%, resulting in a loss reduction
of up to 22%. The proposed dead time concept with soft-switching at both switches
is most effective at high input voltages as high as 48 V.
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Chapter 7
Resonant Converters

Resonant converters have a long history, especially in high-power and high-voltage
applications [3, 4, 7, 9–13, 15, 17–19]. In recent years, they also become common
as highly integrated converter in the lower power range [22].

In resonant or quasi-resonant converters, soft-switching or zero-voltage switch-
ing is typically achieved by generating an oscillation at the switching node, caused
by a resonant circuit. The resonant circuit contains an inductor, which provides an
oscillating current, pulling up the switching node in a periodic manner. The turn-on
of the power switches are synchronized to the oscillation in order to turn on the
switch with zero-voltage or with soft-switching, as discussed in Sect. 2.2.2.4.

In resonant converters, the frequency of a resonant circuit determines the overall
switching period of the converter, while in quasi-resonant converters, an oscillation
of a resonant circuit only occurs during the off-time of the converter. As a
consequence, efficiency is only achieved in a very narrow operating range [11, 17].
A wide range of load and input voltages would require to vary the converter’s
switching frequency over a wide range. Section 7.1 reveals the associated limitations
for conventional resonant converters using an example of a quasi-resonant converter
(QRC) architecture.

A parallel-resonant converter (PRC) architecture, including a high-resolution
soft-switching control, is proposed in Sect. 7.2, which significantly reduces the
required switching frequency range, and thus is able to cover a wide input voltage
and load range.

7.1 Quasi-Resonant Converter

The lowest switching frequency across the operating range of a switching converter
determines the size of the passive filter components if a specific limitation of
the output voltage ripple needs to be fulfilled. Operating points requiring higher
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switching frequencies lead to additional switching losses, without further benefit in
terms of converter volume. As a consequence, it is desirable to limit the switching
frequency range in resonant converters. The below analysis of a conventional quasi-
resonant converter [5, 14] demonstrates that boundaries of the frequency range,
strongly limit the operating range (Vin, Iout). A wider operating range would only be
possible at slower switching by using a significantly larger resonant circuit, which
limits integration.

The architecture of a conventional quasi-resonant converter (QRC) is shown in
Fig. 7.1. An IC-level design was presented in [5]. Zero-voltage switching (ZVS) can
be achieved by adding a resonant circuit Lr and Cr to a regular buck converter. The
converter is controlled only with one switch, which is beneficial for lower switching
losses in multi-MHz operation.

The operating principle is demonstrated by means of the converter’s main
waveforms in Fig. 7.2. When the switch MPR is turned on, the current ILr increases
through the resonant inductor Lr until it carries the output current Iout. The
switching node Vsw rises as long as it is equal to the input voltage Vin. The diode
D0 is blocking, and the current in Lr stays constant as Vsw = Vr. When the switch
MPR is turned off, Vr and Vsw decrease to a negative forward voltage −Vf of D0

Fig. 7.1 Conventional quasi-resonant converter (QRC) [5, 14]

Fig. 7.2 Signals of the
conventional quasi-resonant
converter (QRC)
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and the diode D0 turns on. Vr begins to oscillate around −Vf. Once Vr reaches Vin,
the switch MPR can be switched on with ZVS, i.e., zero drain-source voltage.

As depicted in Fig. 7.2, the overall switching period (and thus the switching
frequency) T = 1/fsw splits up into four different periods tf, tosc, tILr,rise, and ton,sw.
The switching period can thus be written as

T = tf + tosc + tILr,rise + ton,sw. (7.1)

When the power switch MPR is turned on at t0, Vsw and Vr are both discharged
approximately in the same time tf by the inductor currents ILr and IL0 to the value of
the negative forward voltage −Vf of D0. tf scales linearly with Vin and with 1/Iout
(see Fig. 7.2). Thus, it significantly impacts the period and the switching frequency
at varying operating points.

At time t1, Vsw is held constant to −Vf by the conducting diode D0. As MPR is
still off, Vr experiences an oscillation around a mean value of −Vf. The amplitude
V̂r of the oscillation calculates to

V̂r = √
Lr/Cr · Iout. (7.2)

For V̂r < Vin, MPR can be turned on with soft-switching at the maximum oscillation
of Vr, which occurs at 2/3 of the oscillation period. In this case, tosc is independent of
Vin and Iout. The quality of soft-switching is related to the voltage difference across
MPR when it turns on. The voltage difference depends on the amplitude V̂r. For
V̂r > Vin, MPR turns on (or the body diode of MPR becomes conducting), as soon
as the oscillation of Vr reaches Vin. In this case, the turn on event happens before 2/3
of the oscillation period (before the oscillation would reach its maximum), and thus
tosc becomes dependent of Vin, and also of Iout, as it changes V̂r (see (7.2)). At time
t2, the inductor current ILr is zero. During tILr,rise, ILr increases until it reaches the
current in the inductor L0. At t3, it exceeds IL0 and Vsw is pulled up. The high-phase
and thus the effective on-time ton,sw of the QRC ends at t4, when MPR is turned off
again. ton,sw depends on Vin, as it defines the duty cycle of the converter.

The impact of the operating points on all the converter phases results in a wide
variation of both the switching frequency, as well as the effective on-time ton,sw of
the converter. In Fig. 7.3, the frequency variation of the conventional QRC is plotted
over a wide input voltage and load current range, while the resonant components
are Lr = 300 nH and Cr = 30 pF, which are in the range to be potentially fully
integrated. A variation of Vin from 10 to 50 V, and of the load from 0.1 to 0.5 A
results in a five times frequency variation. Resonant converters were published,
which use an external tunable capacitor to adjust the resonant frequency [6].

One limitation of the QRC is that Vr swings negative during tosc to −V̂r. The
drain-source voltage of MPR thus reaches a maximum of Vin + V̂r. To achieve zero-
voltage switching, requiring V̂r > Vin, the maximum ratings of MPR need to be
>2Vin. Assuming that a realistic design for a 50 V input will use a technology
rated to 100 V, the maximum amplitude has to be limited to V̂r = 50 V. This
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Fig. 7.3 Frequency variation
in a frequency-controlled
quasi-resonant converter for a
wide load and input voltage
range

corresponds to the maximum load current of Iout = 0.5 A for the design in Fig. 7.3.
The maximum V̂r decreases towards smaller loads, and ZVS is achieved only for
a combination of small input voltage and large output load. This is indicated in
Fig. 7.3 (diagonal line).

A second limitation is related to the fact that the required duty cycle becomes
very small at high Vin. Since high Vin requires high switching frequencies at the
same time, the resulting effective on-time ton,sw is reduced to the sub-nanosecond
range. The operating range, in which the on-time reduces to below 3 ns, is indicated
in Fig. 7.3. In high-voltage technologies, which are typically not optimized for
speed, the generation of on-time pulses <3 ns is usually very challenging, as
demonstrated in Chap. 4. Together with the ZVS limitation, the QRC can only
support a significantly reduced operating range, which is indicated in Fig. 7.3.

7.2 Parallel-Resonant Converter (PRC)

A parallel-resonant converter is proposed in this section, which overcomes the
limitations of conventional resonant converters. The proposed parallel-resonant
converter consists of a conventional buck converter with MN0, external diode D0,
and output filter L0, C0, controlled by PWMMN0. D0 is implemented as a Schottky
diode to avoid reverse recovery losses and to reduce forward conduction losses. The
output voltage is controlled by the on-time of MN0, identical to a conventional buck
converter. Thus, the output voltage regulation is state-of-the-art.
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7.2.1 Switching Concept and Operating Modes

Resonant operation is achieved by placing a resonant circuit Lr, Cr, and a second
switch MPR in parallel to a buck converter (Fig. 7.4). A PMOS switch is used
as the resonant node reaches negative voltage levels of Vr = −Vin, which is not
supported by NMOS devices in various technologies. The resonant switch MPR
controls the energy in the resonant circuit. Figure 7.5 (Mode 1) shows the signals of
the switching node Vsw of the buck converter stage and Vr of the resonant circuit.
MPR is turned on at t0. As Vsw is still low, the current in the inductor Lr increases
until it exceeds the current through L0 and starts to charge up Vsw towards t2 with
nearly no losses.

MN0 is turned on with ZVS, when Vsw reaches Vin, and the turn-on losses
of MN0 are significantly reduced. The maximum voltage of Vsw, and thus the
minimum drain-source voltage Vds,MN0 at turn-on of MN0, is determined by the
on-time of MPR. Thus, the on-time of MPR controls ZVS of MN0. After MPR
is turned off (t1), Vr resonates and swings back towards Vin after one or multiple
oscillation periods n, which allows to also turn on MPR with soft-switching at t4.
The amplitude of the resonant circuit depends on Vin, Iout, and Cr. To achieve soft-
switching at MPR over a wide operating range (Vout and Iout), Cr is adjustable,
implemented as an integrated 5-bit capacitor array.

Smaller Cr values lead to higher amplitudes, required for increasing Vin, which
results in a higher resonant frequency. At the same time, higher Vin requires smaller
duty cycles, which is limited by the resonant charging of Vsw. To overcome this
limitation, the converter operates with different numbers of oscillation periods n of
Vr, depending on the value of Iout and Vin (and thus Cr). Three different operation
modes can be distinguished in the PRC, depending on the turn-on conditions of
MPR and the number of oscillation periods n of Vr. The signals of the different
operation modes are shown in Fig. 7.5.

Mode 1: The turn-on of MPR occurs after a single oscillation of Vr (n = 1). Cr
adjusts the maximum of Vr to reach Vin at the turn-on of MPR. Vin is limited to
<24 V, as the on-time of MN0 becomes small (<3 ns). ZVS brings good efficiency,
despite the high frequency with considerable gate charge losses.

Fig. 7.4 Architecture of the proposed parallel-resonant converter (PRC) [24, 25]



146 7 Resonant Converters

Fig. 7.5 Signals and switching principle of the proposed parallel-resonant converter (PRC) in its
different operation modes 1–3 (a–c)

Mode 2: Cr is set to its maximum value to achieve a lower oscillation frequency
of Vr, resulting in reduced switching losses. The turn-on of MPR happens after two
oscillation periods of Vr (n = 2). The entire first period occurs while MN0 is on.
Consequently, Vr is oscillating around Vin and the positive half-wave (after n = 1)
is clamped by the body diode of MPR. As Vsw is low, the resonance inductor Lr
experiences a significant current increase during body diode conduction and the
resulting high-phase of Vr. The current in the resonant inductor ILr is high enough
to again pull up Vsw. This intermediate swing up of Vsw again transfers energy to
the output without turning on MN0, which reduces the overall voltage ripple at
the output. A conventional buck converter requires to switch up to 40% faster to
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Table 7.1 Operation modes of the PRC

Oscillation cycles n Vin (typ.) Switching frequency (typ.)

Mode 1 1 <24 V 15–30 MHz

Mode 2 2 <25 V 9–15 MHz

Mode 3 2 25–36 V 11–14 MHz

≥3 >36 V 9–10 MHz

achieve the same output voltage ripple at n = 2. Vr swings up close to Vin, and
soft-switching of MPR is achieved.

Mode 3: The value of Cr is set low enough (higher frequency) such that Vr
reaches Vin at n = 1 and n = 2. With higher switching frequency and lower
intermediate Vsw pull-up, the output voltage ripple is similar to Mode 2. A frequency
variation of +/-20% changes the ripple by only +/-8%. Vin = 48 V can be handled
for n = 3 at reduced frequency and losses.

Table 7.1 summarizes the operation modes, including the selection of n, the
related Vin range for each of the modes and the according switching frequency range.

7.2.2 Converter Implementation

Figure 7.6 shows the implemented soft-switching control for MPR and MN0. When
the falling edge of Vr crosses zero, a zero-cross detection circuit sets ZCDVr high.
In each switch control block (bottom part of Fig. 7.6) the positive edge of ZCDVr is
passed through two variable 8-bit delay chains with 250 ps resolution (LSB), which
results in a maximum possible delay of 64 ns. The delayed signal (turn_on) initiates
PWM0 or PWMr to be set high. The delay is adjusted cycle-by-cycle by an up-
down counter, such that both MN0 and MPR turn on with minimum voltage across
(soft-switching or ZVS).

To evaluate if soft-switching is achieved, Vsw and Vr are each sampled twice,
with a delay of about 500 ps, by the maximum detection block (Fig. 7.7), shortly
before the corresponding switches are turned on. If the first sampled voltage S1 is
smaller than the second sampled voltage S2, MN0 or MPR have been turned on
too early at the rising edge of Vsw or Vr, before the maximum voltage is achieved.
Consequently, the up-down counter, controlling the 8-bit delay, is increased for the
next period. If S1 > S2, MN0 and MPR have been turned on too late, after the
maximum of Vsw or Vr, the counter is decreased. The counter is also decreased if
S1 ≈ S2. This case indicates either that the body diode is conducting (turn-on too
late), or the corresponding switch is turned on at the optimum soft-switching point,
which is the maximum of Vr or Vsw. Consequently, the 8-bit delay value is toggled
between the optimum turn-on point and one LSB time step after the optimum turn-
on point. A logic-based range monitor observes ZCDVsw and ZCDVr to ensure that
the turn-on only occurs if Vsw and Vr are positive.
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Fig. 7.6 Block diagram of the proposed parallel-resonant converter

Fig. 7.7 Maximum detection circuit and principle

The on-time control (Fig. 7.8) operates similar to a conventional PWM generator.
The signal turn_on initiates an integrator ramp. The on-times of MN0 or MPR are
controlled by comparing the ramp to the reference voltages Vton,0 or Vton,r. Vton,0
controls the output voltage, while Vton,r is adjusted such that MP0 is turned on
with ZVS. In the implementation of the PRC, the proposed PWM generator (see
Sect. 4.2) is re-used, its logic is re-configured to use one PWM generator stage for
the generation of PWM0, and the second stage for generation of PWMr.

The integrated 5-bit capacitor array, which covers a range of 50–150 pF, is shown
in Fig. 7.9. Its LSB element utilizes interleaved finger capacitors with a poly-Si
plate against substrate coupling and associated losses. If the high-voltage switch
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Fig. 7.8 On-time control of PWM0 and PWMr, circuit and signals

Fig. 7.9 Implementation of the 5-bit Cr array

MS is turned on, the capacitor cell is enabled and increases the total Cr, resulting
in a lower switching frequency and higher amplitudes of Vr, adjusting the soft-
switching condition. Parasitic capacitors determine the minimum value of Cr (if
all MS switches are deselected).

The sample and hold (S&H) circuit of the maximum detection blocks is re-used
from the dead time implementation of Chap. 6, Fig. 6.3.

Figure 7.10 shows the zero-cross detection (ZCD) circuits for both the resonant
node Vr (Fig. 7.10a) and the switching node Vsw (Fig. 7.10b). Each ZCD circuit
comprises an additional frequency compensated voltage divider, similar to the
divider in the S&H stage. Vr requires a more accurate zero-cross detection for the
period counter, while Vsw uses a simple inverter with clamped input for high-voltage
protection, which connects to the range monitor.

7.2.3 Experimental Results

The proposed PRC has been implemented in a 180 nm high-voltage BiCMOS
technology (Fig. 7.11a). Figure 7.11b shows the PCB of the converter used for the
experiments.

Figure 7.12a shows the measured transient signals at Vin = 16 V in Mode 2
(n = 2, see Fig. 7.5) with the body diode conducting at the first maximum of the
oscillation of Vr and the resulting high intermediate pull-up close to Vin reducing the
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Fig. 7.10 Zero-cross
detection circuits for (a) Vr,
and (b) Vsw

Fig. 7.11 Photograph of (a) the test chip implemented in a 180 nm high-voltage BiCMOS
technology, and (b) the board of the converter with the IC directly bonded to the PCB
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Fig. 7.12 Transient
measurements of the
proposed parallel-resonant
converter. (a) Vin = 16 V,
Iout = 300 mA, Mode 2 with
n = 2. (b) Vin = 24 V,
Iout = 300 mA, Mode 3 with
n = 2

output voltage ripple. In Fig. 7.12b, the converter operates at Vin = 24 V in Mode 3
(n = 2), without body diode conduction at a higher overall switching frequency and
a reduced intermediate pull-up.

For disabled soft-switching control, Fig. 7.13a confirms inefficient hard-
switching of both devices at the switching node Vsw and the resonant node Vr.
Figure 7.13c depicts the measured settling of the turn-on delay for MN0 and MPR,
respectively, after the soft-switching control is enabled. Both delays increase and
reach their optimum values (soft-switching) at 87 µs (td,sw) and 73 µs (td,r). The
according signals Vsw and Vr in soft-switching condition are shown in Fig. 7.13b
for Vin = 15 V, 300 mA and n = 2 oscillations.

Figure 7.14 depicts the measured efficiency vs. Vin. At Iout = 500 mA
(Fig.7.14a), the peak efficiency of the PRC is 76.3% at Vin = 24 V in Mode 2 at
a switching frequency of 10.8 MHz, and 71.5% in Mode 1 at a switching frequency
close to 25 MHz. Thus, Mode 1 is slightly less efficient but allows up to a 2.5×
increase of the switching frequency, resulting in a significantly smaller output filter.
However, Mode 1 is limited to a maximum input voltage of 24 V at Iout = 500 mA
and 18 V at Iout = 300 mA (Fig. 7.14b). Input voltages up to 48 V are reached
for n = 3 cycles at Vout = 5 V in Mode 3 (in accordance to Table 7.1). At this
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Fig. 7.13 Transient measurement results of the turn-on regulation and waveforms: (a) Soft-
switching control disabled resulting in high switching losses; (b) settled soft-switching control
at both MPR and MN0; (c) settling of the turn-on delay control for MPR and MN0

large conversion ratio of nearly 10:1, the converter still achieves efficiencies above
67%. For Vin>20 V, the PRC is superior in efficiency by up to 10.7% compared
to a conventional buck converter at a switching frequency that results in the same
output voltage ripple. At Iout = 300 mA (Fig. 7.14b) the maximum efficiency gain is
14.5% at Vin = 36 V. The two plots in Fig. 7.14 reveal that the switching frequency
increases towards higher Vin up to 40 V to about 14 MHz for n = 2. As soon as
the number of oscillation periods of Vr is increased to n = 3 at Vin = 40 V and
above, the switching frequency is reduced to below 10 MHz, similar to switching
frequencies required at low Vin. This way, the overall switching frequency stays in
a range of 9–15MHz, which is significantly lower than the frequency range of a
conventional quasi-resonant converter, as indicated in Fig. 7.3.

Figure 7.15 shows the efficiency vs. output current. At Vin = 24 V, the proposed
PRC shows up to 11.3% higher efficiency than a hard-switching buck converter,
corresponding to a 21.3% loss reduction. The switching frequency increases towards
lower currents for n = 2 to nearly 15 MHz. If the number of oscillation periods is
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Fig. 7.14 Measured efficiency of the proposed parallel-resonant converter vs. input voltage at
(a) Iout = 500 mA and (b) Iout = 300 mA
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Fig. 7.15 Measured
efficiency of the proposed
parallel-resonant converter vs.
load current at Vin = 24 V

Table 7.2 Loss comparison of a buck converter and the PRC at Iout = 0.5 A

Vin = 24 V Vin = 48 V

Losses in buck converter 969 mW 1918 mW

− Loss reduction by soft-switching of MN0 −586 mW −1540 mW

+ Losses of resonant circuit +392 mW +862 mW

Losses of PRC 776 mW 1240 mW

� Losses PRC vs. buck converter −193 mW −678 mW

−20% −35%

changed to n = 3 at Iout < 200 mA, the switching frequency is again reduced to
about 10 MHz, which limits the switching losses at light load.

Table 7.2 shows the improvement of the losses in the PRC compared to the buck
converter. It opposes the losses, which are reduced by achieving soft-switching in
the buck converter stage, and the additional losses dissipated in the required PRC
resonant circuit. Soft-switching nearly eliminates transition losses and charging
losses of the parasitic capacitances at the switching node Vsw. The added losses
caused by the resonant circuit are mainly due to the resonant switch. Negative volt-
ages at Vr require the implementation of MPR as a PMOS device in this technology,
with large parasitics (gate charge, etc.) and on-state resistance. Replacing MPR with
an NMOS switch (by choosing a technology which supports negative voltages at
the NMOS source, e.g., SoI technology), calculations indicate that the PRC has
the potential to achieve peak efficiencies of >85%. The loss contribution of the
integrated capacitor is negligible (typically ≤1% efficiency) due to the low-resistive
implementation (see Fig. 7.9). The prototype for the experimental measurements
uses an air-core inductor Lr in the resonant circuit, with inductor losses at a non-
significant level. A typical resonant frequency of Lr above 20 MHz brings Lr to
the border, at which air-core inductors become favorable, as shown in Sect. 2.3.3
and [16]. Further volume reduction or even on-chip integration is expected to be
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possible with a custom inductor design and, in general, with the ongoing progress
regarding RF inductor technology and core materials. A further loss optimization is
possible by replacing the external Schottky diode by an integrated low-side switch.
The resulting synchronous output stage is expected to be more efficient only with
an accurate dead time control [23], which makes the overall control of the converter
complex.

Table 7.3 shows the comparison to prior art. Funk et al. [5] comprises a quasi-
resonant concept, but soft-switching is achieved only at a fixed conversion ratio. The
converter in [26] can handle 100 V, but it runs at a higher output voltage and a much
lower frequency, whereby the current ripple in the inductor increases up to 2 A.
To achieve similar inductor losses, this results in a multiple times larger inductor
volume compared to the PRC proposed in this book, even at the same inductor
value of L0 = 1.5 µH (as demonstrated in Sect. 2.3.3).

Moreover, a larger output capacitor C0 is required (C0 = 4.7 µF). Thanks to
the resonant operation at high switching frequency with significantly lower current
ripple, the PRC allows to reduce C0 to tiny values (C0 = 50 nF), which could be
easily integrated on-chip with a suitable technology, e.g., deep trench capacitors [2].

The presented PRC supports a wide input range of 12–48 V and 100–500 mA
output current range at switching frequencies up to 15 MHz. Up to input voltages of
24 V, even switching frequencies up to 25 MHz with only slightly lower efficiencies
are possible by changing the operation mode.

Figure 7.16 shows a comparison of the PRC and the proposed synchronous con-
verters from Chap. 6 to state-of-the-art converters with integrated power switches,
by using the design indicator proposed in Sect. 5.7. The performance of the buck
converters is benchmarked along the efficiency contour lines (grey lines). Converters
located at the same efficiency contour line indicate a similar efficiency performance
as described in Sect. 5.7. Higher efficiency contour lines indicate that one converter
would have a higher efficiency if the operating point is chosen the same (same
design indicator value) as the compared converter.

Table 7.3 Comparison with prior art

[26] [23] [5] [20] This book

Technology
0.5 µm 120V
CMOS

0.18 µm
HV BCD

0.18 µm HV
BCD Not reported

0.18 µm HV
BCD

fsw 2 MHz 10 MHz 8 MHz 5 MHz 9–15 MHz

Vin 12–100 V 12–18 V 20 V 8–14 V 12–48 V

Iout 0.5 A 0.5 A 0.2 A 10 A 0.5 A

Vout 10 V 1.8 V/5 V 5 V 1.2 V 5 V

L0 1.5 µH 10 µH 2.2 µH 2×100 nH 1.5 µH

C0 4.7 µF 10 µF 30 µF 91 nF 50 nF

Add. passives C = 1 µF – L = 1.2 µH C = 1 µF L = 300 nF

Peak eff. 90% 81% 72.3% 82.5% 76.3%
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Vin/V Vout/V Iout/A fsw/MHz Remarks
1a This book: PRC 24 5 0.5 10.8
1b This book: PRC 24 5 0.5 24.6
1c This book: PRC 38 5 0.5 13.7
1d This book: PRC 48 5 0.5 9.26
2a This book: Buck 12 5 0.4 10 sync. buck
2b This book: Buck 18 5 0.45 10 sync. buck
2c This book: Buck 24 5 0.05 10 sync. buck, light-load
2d This book: Buck 48 5 0.15 10 sync. buck, light-load
3 Y.Ahn TPE12 [1] 3 2 0.3 50 low Vin, high fsw

4 J.Xue JSSC16 [26, 27] 100 10 0.4 2 3-level buck converter
4 J.Xue JSSC16 [26, 27] 48 10 0.4 2 3-level buck converter
5 M.K.Song ISSCC14 [21] 3.3 1.6 0.4 40 low Vin

6 P.S.Shenoy APEC16 [20] 12 1.2 5 5 Remarks
7 Y.Zhang TPE16 [28] 20 5 0.8 100 buck with GaN switches
8 X.Ke ISSCC16 [8] 40 5 0.4 20 buck with GaN switches

Fig. 7.16 Comparison of the converters of this book to state-of-the-art converters using the
proposed design indicator

Several operating points from the PRC are depicted (data points 1a–d in
Fig. 7.16) and compared to relevant high-Vin multi-MHz converters. The efficiency
of the PRC at operating points 1c and 1d achieves the highest design indicator
value. Following the efficiency contour line towards converter 4, it indicates that the
proposed PRC achieves a similar efficiency performance as 4, but at a significantly
higher switching frequency with respect to its high input voltage of up to 48 V,
enabling a significantly smaller size of the passives as 4. Converter 2 shows
operating points of the proposed synchronous buck converter with dead time control
(see Sect. 6.2) with 2a and 2b measured at low input voltages of 12 and 18 V at
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lower contour lines, while 2d is measured at 48 V appearing at a significantly higher
contour line. The increase towards higher contour lines with higher input voltages
indicates that the proposed dead time control becomes especially effective at higher
input voltages. 2d is operated in light-load condition using the proposed enhanced
dead time control (see Sect. 6.3). Soft-switching at both the high-side and low-side
switch turn-on brings the converter to a comparable performance as the PRC, but
limited to light-load range, while the PRC is able to cover the full load range.

Converter 4 and 6 are hybrid converters as described in Sect. 2.2.2.5. The compar-
ison shows that hybrid converters achieve a comparable efficiency performances as
the converters covered in this book. However, an operation at both high switching
frequencies and high input voltages according to the target of this book was not
demonstrated. It can be concluded that an application of the switching techniques
and fast-switching circuit block proposed in this book, potentially could enable
hybrid converter to achieve a similar performance at comparable design indicator
values as the converters proposed in this book.

Finally, two further operating points are depicted in Fig. 7.16, which relate to
published converters using external gallium-nitride (GaN) power switches. It shows
that their significantly lower switching losses, as indicated in the analysis of switch
technologies in Sect. 3.2, outperform converters with integrated silicon switches in
efficiency. GaN switches have the potential to overcome the efficiency limitation
of integrated silicon switches, and to push the boundary to significantly higher
switching frequencies and conversion ratios. This demonstrates the importance of
fast-switching circuit design, as covered in this book, for even higher switching
frequencies and input voltages.
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Chapter 8
Conclusion and Outlook

Section 8.1 summarizes and concludes the content and results of this book. All
proposed and implemented converters of this book are compared to the state-of-the-
art in Sect. 8.2. In Sect. 8.3, an outlook describes possibilities and requirements on
how high-Vin multi-MHz converters can be further improved.

8.1 Conclusion

A trend towards higher system level supply voltages is observed in several applica-
tions and systems like automotive, IT servers, automation and industrial, and others.
This is mainly driven by an increasing power demand and new functionalities.
Examples are the introduction of the automotive 48 V board net, in addition the
12 V battery supply, to enable high-power applications, or the increase of the server
supply from 12 to 48 V to reduce wiring costs in server racks. This results in a
significantly increasing input voltage for point-of-load DC-DC converters, which
supply subsequent microchips and electronic systems.

Highly integrated inductive converters are beneficial to cover the requirements
of high system supply voltages. Inductive buck converter fundamentals and an
empirical study of the converter passives demonstrated that the switching frequency
and current ripple, as well as the output voltage and the conversion ratio, have a main
influence on the converter size and efficiency. At increasing switching frequencies
up to 30 MHz, the switching converter passives, especially the inductors, benefit not
only from a smaller size and price, but also from lower inductor losses if the current
ripple is designed to be in an optimal region. A study of commercially available
and published state-of-the-art converters showed that converters are rarely available
for input voltage towards 50 V and switching frequencies >5 MHz at the same time.
This is due to limitations of fast-switching high-Vin converters, which are mainly set
by the switching losses, and significantly reduced minimum PWM on-time required
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to control the power switch at low duty cycles (high conversion ratios). Minimum
on-time pulses are limited by the circuit design, as well as by a technology related
limitation of the switching node voltage slopes. This results in a structural limitation
of the switching frequency towards 30 MHz for input voltages in the range of 50 V.

A preference for an asynchronous or a synchronous buck converter can be hardly
distinguished as the achieved efficiency depends on the operating point, on the
available switch technologies, and on the implementation of the high-side supply
generation. A synchronous converter is superior in efficiency only if the dead
time is precisely regulated across varying operating points. Fully integrated NMOS
switches have at least five times higher switching losses compared to off-chip power
switches in silicon and gallium-nitride (GaN) technologies. However, integrated
switches benefit from faster and more robust switching transitions thanks to lower
parasitics, especially with an appropriate assembly technology. Conventional IC
packages can cause a destructive ringing, requiring a reduction of the switching
slopes, which results in a limitation of the switching frequency or of the conversion
ratio. Direct-bond to PCB assembly is one option to reduce ringing at the high-
side gate driver supply to approximately 20%. NMOS switches are preferred due to
lower switching losses, compared to PMOS switches. However, NMOS high-side
switches require a floating supply, referenced to the switching node. Fast switching
transitions cause an interference due to charge coupling into the signal path of the
level shifter and into the substrate. Substrate coupling and isolation structures under
real high-voltage switching conditions of a buck converter were investigated with
both TCAD simulations and experimental measurements. Among various substrate
isolation and deviation structures, back-side metalization and conducting deep-
trenches are most suitable and even mandatory to effectively eliminate the impact
of substrate coupling on other circuits.

The proposed designs of this book for fast-switching circuit blocks allow to
control the buck converter with minimum on-time pulses of less than 3 ns, which
enables an operation at input voltages up to 50 V at output voltages below 5 V
and switching frequencies up to 30 MHz. A digitally multiplexed PWM generator
with interleaved sawtooth signals significantly reduces the minimum possible on-
time pulse. Experimental results demonstrated a generation of on-time pulses down
to 2 ns, as well as an operation up to a switching frequency of 100 MHz. To
control a PMOS high-side switch, a level shifter based on a symmetrical single-
stage amplifier with minimized propagation delay is suitable. To control an NMOS
high-side switch in a switching high-side supply rail, a level shifter with dedicated
clamping structures is necessary to make the level shifter robust and insensitive
to coupling during the converter’s switching transitions. The clamping structures
require to have minimized parasitic capacitances in the signal path, and limit
the signal swing to achieve fast transitions. A proposed level shifter suitable for
NMOS high-side switches, safely transfers on-time pulses of less than 3 ns with a
propagation delay of below 5 ns to the high-side domain, which is confirmed by
experimental results of a buck converter at switching transitions up to 20 V/ns;
simulations even confirm the robustness up to 80 V/ns. A split-path gate driver with
asymmetrically sized tapered buffers is suitable for minimum propagation delay,
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strongly driving pulses as short as 3 ns at the gate of the power switches. It achieves
a propagation delay of typically 4 ns, and reduces the current consumption by up
to 23%.

The main loss contributors at high input voltages and multi-MHz switching are
parasitic capacitances at the switches and freewheeling diode in an asynchronous
buck converter, and the dead time in addition in a synchronous buck converter. The
non-linear voltage dependence of the most critical capacitances, for example of the
freewheeling diode, needs to be modeled highly accurate to avoid large errors in
the efficiency model. A piece wise linear model for transition losses (VI overlap) is
required, as the influence of non-linear capacitances results in non-linear transitions,
which are not covered sufficiently in conventionally used efficiency models. An
efficiency model based on a four-phase model allows to separate loss causes and loss
locations. A efficiency model for high input voltages and fast-switching converters
proposed in this book matches efficiency measurements by less than 3%.

A dead time loss model allows to extensively analyze the influence of the dead
time on efficiency in a synchronous buck converter. A predictive mixed-signal dead
time control, which adjusts the dead time for the subsequent period, overcomes
the propagation delay of the detection circuits, limiting the minimum possible dead
time, and completely avoids body diode conduction and its related losses. A large
dead time range even achieves soft-switching at low-side switch turn-on. The dead
time detection is realized by sampling the switching node at the low-side switch
turn-on and turn-off. An 8-bit timing control by differential delay lines allows to
precisely control the dead time to a defined target window with a resolution of 125 ps
over a dead time range of 32 ns. The values for both the resolution and the dead time
were derived from the dead time model. Experimental results of the implemented
dead time control confirmed a loss reduction of up to 30%, resulting in an efficiency
improvement of 6% at 10 MHz switching and 12 V input. Measurements confirm
a resolution of about 100 ps, which is the highest achieved dead-time resolution
compared to state-of-the-art. An extension of the dead time control for light-load
conditions achieves soft-switching at the low-side and high-side switch, and thus, is
especially effective at loss critical high input voltages. Experimental results confirm
a loss reduction of up to 45% for input voltages as high as 48 V, resulting in up to
14% efficiency improvement.

Resonant converters are investigated, which improve dominant switching losses
by soft- or zero-voltage switching. Conventional quasi-resonant converters (QRC)
require a large switching frequency range of about 10–50 MHz over a wide input
voltage range and output current range. In addition, soft-switching is only achieved
in a limited operating range. For this reason, a parallel-resonant converter (PRC)
is proposed, which achieves soft-switching over a wide input voltage range of
12–48 V, and over an output current range of 100–500 mA. Supported by a fully
integrated adjustable 5-bit capacitor array and configurable number of resonant
oscillations, the PRC reduces the switching frequency range to 9–15 MHz, which
is more than five times lower compared to conventional resonant converters, like
the QRC, with the same input voltage and output current range. Experimental
results confirm that the proposed PRC achieves peak efficiencies up to 76.3% at
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10.8 MHz switching. Frequencies up to even 25 MHz are supported below input
voltages of 24 V by changing the operating mode. Thus, the PRC operates at
switching frequencies, which were not covered previously by state-of-the-art high-
Vin converters with fully integrated power switches. A comparison using a proposed
design indicator demonstrates that the PRC and the proposed dead time control
of this book are especially effective at high input voltages. It further shows that
different architectures result in a similar efficiency performance, while a change to
an improved switch technology, from e.g., silicon to gallium nitride, enables a major
improvement, independent of the converter architecture.

8.2 Comparison to State-of-the-Art

In Fig. 8.1, several operating points of the converters proposed in this book
are compared to state-of-the-art converters presented in Sect. 2.4, Fig. 2.19a. The
converters of this book cover a wide input voltage range up to 48 V. Figure 8.1a
shows that the synchronous buck converter with dead time control and especially the
parallel-resonant converter (PRC) reach power efficiencies close to the efficiency
range of state-of-the-art commercial devices, while the switching frequencies of
the converters of this book are up to 20 times higher at comparable input voltages.
Figure 8.1b demonstrates that the converters of this book cover a frequency range for
converters with input voltages above 5 V, which were not addressed by state-of-the-
art converters previously. The converters of this book are closing the gap towards the
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technology limitation of the switching frequency described in Sect. 2.3.6, Fig. 2.18a,
which is reached at about 30 MHz for a conversion from 48 V to 5 V. The PRC and
the asynchronous buck converter operate close to this frequency at 24 V input. The
circuit blocks of the asynchronous and synchronous buck converters of this book
have been proven to be able to operate up to at 48 V input at duty cycles which
would allow switching frequencies above 30 MHz. However the expected efficiency
would drop significantly below 70%, which is mostly not acceptable anymore in
real applications.

It can be concluded that an implementation of converters with integrated
power switches can be designed and operated up to the structural limit of the
switching frequency. Advanced switching techniques like dead time control and
soft-switching, as proposed in this book, significantly improve the efficiency. This
enables a major increase of the switching frequency compared to state-of-the-art
converters, and enables a significant size and cost reduction. However, a further
increase of the switching frequency is still limited by power losses. In consequence,
the efficiency most likely decreases below the acceptance level, before the structural
limitation of the switching frequency is reached.

8.3 Outlook

This book presented various aspects, at which the available technology leads to
a limitation for high-Vin multi-MHz converters. Furthermore, several aspects and
ideas were identified, which were not covered and investigated in the scope of this
book, but have a high potential to further improve these converters.

A major general limitation for the implementation of converter, especially with
a floating NMOS high-side switch, is the charge coupling to the substrate and
interfering with the control circuits. A back-side metalization was shown to be
efficient, but it might not be suitable in real products due to an extra production
step. Furthermore, it is only effective if the back-side is connected with a low
inductance back to the top-side reference ground, if not, parasitic inductances of
the connection generate again a ringing of the substrate. To overcome this risk, a
substrate protection should be intrinsically available, which was not the case in the
technology used for the converters of this book. Conducting deep-trenches have
been shown in simulation to be the most suitable option. Also silicon-on- insulator
(SoI) may be a promising technology. Alternatively, technologies are available,
which use a low-doped, low-resistive substrate, which might be the better choice
for switching converters, as the injected substrate noise is poorly propagated across
the chip.

The proposed parallel-resonant converter (PRC) is shown to be up to about 15%
more efficient than an asynchronous buck converter. However, its full potential
in terms of efficiency could not be exploited, because the resonant power switch
was implemented as a non-optimized standard drain-extended PMOS transistor.
A PMOS switch had to be chosen, as the resonant note oscillates down to −Vin
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in worst case. A suitable optimized NMOS switch was not present in the chosen
technology, which is able to have significant negative voltages at its source.
Efficiency estimations showed a potential improvement with an NMOS switch by
up to 10%.

Several architectural changes could be applied to even further improve the
efficiency of the PRC. It is shown in Figs. 7.14 and 8.1 that the PRC is up to
nearly 15% higher in efficiency compared to the asynchronous buck converter. A
comparison of the buck converter architectures showed that a synchronous converter
with dead time control exceeds the efficiency of an asynchronous converter by up
to 5%, or even up to 10% at high Vin. As the PRC is operated with an asynchronous
output stage, the PRC would benefit from this improvement in efficiency if the
output stage is changed to a synchronous output stage with the proposed dead
time control. Efficiencies significantly above 80%, potentially reaching even 90%
could be possible, even at input voltages up to 48 V at switching frequencies above
10 MHz. Soft-switching converters as proposed in this book might be especially
beneficial at even higher input voltages above 50 V.

A further efficiency improvement is possible, by using external power switches
within the proposed converters of this book, especially gallium-nitride (GaN)
switches, enabling also higher output power. A major challenge is the required short
connection of the gate driver to the external switches. New 3D assembly techniques
as systems-in-a-package (SiP) [2], which allows a close integration of the switches
to the control circuits, are essential. An even more advanced approach could be a
full integration of the power stage, including level shifter and gate driver into the
external power switch in a high-voltage technology. This is demonstrated in [1, 3–
5]. Implementing the high-voltage part and the power stage of the converter entirely
in, e.g., GaN, would allow to use a low-voltage silicon technology to implement
the low-voltage control circuits, while the silicon technology could be chosen to be
optimized for bandwidth, rather than high-voltage capability. 3D integration would
further allow to closely integrate the required buffer capacitors for the input voltage,
and the low- and high-side gate driver supply, and thus further improve ringing and
the switching behavior.

A future work also has to cover regulation and stability of high-Vin multi-MHz
converters. A stable operation of the proposed converters was confirmed on silicon,
however, a complete description of the regulation loop was not considered part of
the scope of this book. It should be theoretically confirmed to have no interference
of the dead time control loop to the main converter loop. A description of the
regulation loops is in particular challenging for the PRC, as several regulation loops
are interacting, which are the control of the main and the resonant switch, the on-
times of both switches, as well the control of the integrated capacitor array. Rather
than proving stability, it is to investigate, how the particular loop should be designed,
to achieve an optimum transient performance of the output voltage, and also to
regulate fast into soft-switching condition.
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A comparison with the proposed design indicator in Fig. 7.16 indicated that
hybrid converters could potentially achieve a similar efficiency performance in
multi-MHz high-Vin operation if the circuit design and switching techniques
proposed in this book are applied to, e.g., a three-level buck converter.

In this book, it is shown that the switching frequency relates to the volume
of the inductors. However, the final size and volume of the converters are also
dependent on the design of the inductors, which is only partially covered in this
book. An effective reduction of the size due to the achieved increase of the switching
frequency of the converters is only possible by including the inductor design in the
overall implementation. This is in particular important for the design of the resonant
inductor in the PRC, as commercial inductors are typically not optimized for the
switching conditions and the current profile of the resonant inductor.
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Differential delay chain, 130
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scaling, 30

Industry 4.0, 15
Integrator, 148
Internet of Things (IoT), 15
Isolation structure, 56, 57
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Power efficiency, 12
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Switch control, 147
Switched-capacitor converter, 20
System-in-a-package, 166
Systems-on-a-chip (SoC), 1, 9, 16

T
TCAD simulation, 58
Technology
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